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ultra low-power consumption. However, the second-stage
comparator noise limits the ADC’s resolution to 6–8 bits due
to the lack of voltage gain in residue processing.

The boosted bucket-brigade device (BBD), which consists
of a simple cascode amplifier and several passive components,
has been used as the residue charge transfer for high-speed
and high-resolution charge-domain pipelined ADCs [32]–[34],
showing its potential for fast, low-power, and accurate residue
processing. The pulsed BBD in [35] further reduces the power
consumption by replacing the cascode amplifier with a passive
RC circuit, which generates a pulse signal to mimic the
output of the cascode amplifier. Because of the imprecise
settling of the pulse signal, off-chip continuous calibration is
adopted in [35] to calibrate the linear and nonlinear errors
of the pulsed BBDs, which increases the system-level power
consumption and complexity. Although featured with low-
power consumption, a serious problem of the BBD-based
pipelined ADC is that the common-mode (CM) charge error
induced by PVT variations accumulates along the pipelined
stages, which may saturate the backend stages, resulting in
malfunction of the ADC. Therefore, complex mixed-signal and
digital calibration circuits are employed to stabilize the CM
charge of each stage in real time, consuming considerable
power and chip area [33], [34], [36]. Another drawback of
the boosted BBD is the nonlinearity in the charge transfer
characteristic [37], which is especially serious for pipelined
ADCs because the first-stage BBD needs to process the full-
scale input signal.

A pipelined-SAR ADC using a differential boosted BBD
pair as the residue charge transfer is presented in this paper.
Apart from keeping the boosted BBD’s advantage of low-
power and high-precision residue charge processing, it is
shown in this paper that the two problems of the boosted BBD
are alleviated significantly when it is used in a pipelined-SAR
ADC.

1) As only one BBD stage is used, the CM charge error
does not accumulate and has much smaller influence
on the circuit; thus, a simple zero-power power-up CM
control scheme is integrated to stabilize the CM charge.

2) As the BBD’s input is only the small residue voltage,
the nonlinear error in the charge transfer is negligible.

Furthermore, two reference voltages for the original boosted
BBD are eliminated because of the top-plate sampling struc-
ture of the first-stage SAR in the proposed ADC. The pro-
posed idea is demonstrated with a 1.87-mW, 10-bit, 40-MS/s
pipelined SAR ADC fabricated in a 0.18-μm CMOS tech-
nology. Measurement results show that the boosted BBD
consumes only 0.06 mW or 3% of the total power.

The remainder of this paper is organized as follows. The
drawbacks of the boosted BBD for pipelined ADCs are
analyzed in Section II. Section III shows the architecture of
the proposed ADC, while circuit implementation is described
in Section IV. Section V presents the measurement results and
the conclusion is drawn in Section VI.

II. BOOSTED BBD ANALYSIS

Although boosted BBD-based pipelined ADCs are featured
with high-resolution and low-power consumption, they have

Fig. 1. (a) Schematic of boosted BBD. (b) Boosted BBD’s operation
waveforms [32], [33]. (c) Structure of pulsed BBD [35].

not drawn extensive attentions so far because of the issues of
CM charge error and nonlinearity. The two issues are analyzed
in this section after a brief introduction of the boosted BBD
structure and a boosted BBD-based pipelined stage example.

A. Boosted BBD Structure

The boosted BBD reported in [32] and [33] aims to speed
up the charge transferring of conventional BBD, making it
suitable for high-speed pipelined ADCs, as shown in Fig. 1(a).
With a simple cascode amplifier added between the gate and
source of MS, it is verified that the charge transfer speed is
increased by a factor of about A, where A is the cascode
amplifier’s gain [32].

The conceptual operation waveforms of the boosted BBD
are given in Fig. 1(b). In φ1 phase, Vin is tracked by CS,
and VH1 is high enough to turn OFF MS. Charge transferring
is triggered by the rising edge of φ2, at which both terminals
of CS are pulled down by VL. The gate voltage (VG) of
MS is then pulled up abruptly by the amplifier, which turns
ON MS. With the charge on CS transferred to C1 through MS,
VS increases while VD decreases gradually. When VS increases
to the cut-off voltage (VR) at t3, the difference between VG
and VS equals to the threshold voltage of MS, VTH,MS, and
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the charge transferring process is then terminated because MS
is off again. The charge transferred from CS to C1 can be
expressed in terms of the voltage change across CS in the
entire process

QT = CS[(VL − Vin) − (VR − VH1)] (1)

where Vin is the input at t0. Then, QT can be rewritten as

QT = −VinCS + QM (2)

where QM = CS(VH1 + VL − VR). The value of VR
(cut-off voltage) is determined inherently by the input/output
characteristic of the amplifier and VTH of MS. As VH1 and VL
are reference voltages, QM can be thought as a constant for
simplicity at first.

Furthermore, QT can also be given in terms of the voltage
change on C1

QT = C1[(Vout − VH2)] = VoutC1 + QN (3)

where QN = VH2C1, can also be thought as a constant.
If two BBDs are used differentially, the differential-mode

(DM) charge, QT,DM, can be obtained from (2) and (3) as

QT,DM = −Vin, DMCS = Vout,DMC1 (4)

where Vin,DM and Vout,DM are the DM input voltage and output
voltage, respectively. Therefore, from (4), a pair of differential
boosted BBDs can realize linear charge transferring.

To save the power consumed by the cascode amplifier,
the pulsed BBD in the pipelined ADC [35] adopts an RC
pulse generator to mimic the output waveform of the amplifier,
as shown in Fig. 1(c). The linear and nonlinear error caused by
imprecise settling of the pulse signal is corrected by off-chip
continuous calibration in [35], which increases the system-
level power consumption and complexity.

B. BBD-Based Substage for Pipelined ADC

To realize a BBD-based substage for pipelined ADC, volt-
age comparators and charge subtracting devices are needed to
form the sub-ADC and sub-DAC [33]. A 1.5-bit stage with
redundancy is shown in Fig. 2(a) as an example. The CC1 pair
is used to process the CM charge, while the two pairs of CD1
together with four reference voltage multiplexers act as the
sub-DAC to generate the residue charge. Two clock signals
for resetting are added to realize pipelining of multiple stages
(φ1R and φ2R), as given in Fig. 2(b).

Input sampling is also realized in φ1 phase by CS.
In φ2 phase, the charge is received by all the capacitors
(CC1 and CD1). The two voltage comparators then generate
the 2-bit thermometer-coded output in the interval from t3 to t4
in Fig. 1(b). From (4), the BBDs transfer a charge packet of
QT,DM = −Vin,DMCS from CS to (CC1 + 2CD1), resulting in
a differential voltage of

V1,DM = QT,DM

CC1 + 2CD1
= −Vin, DM · CS

CC1 + 2CD1
. (5)

Therefore, the voltage gain is CS/(CC1 + 2CD1). The two
comparators compare this voltage with two reference voltages,

Fig. 2. BBD-based 1.5-bit pipelined substage. (a) Structure. (b) Clock timing.
(c) Ideal residue curve.

VREF/4 and −VREF/4, respectively. This is equivalent to com-
pare QT to two charge references, QR0 and QR1{

QR0 = −VREF(CC, 1 + 2CD,1)/4

QR1 = VREF(CC, 1 + 2CD,1)/4.
(6)

In the next φ1 phase, residue charge is generated according
to the sub-ADC results and transferred to the next stage
through the BBDs in the next stage. The input charge for the
stage is Qin1,DM = QT,DM, while the output charge can be
calculated as

Qout1,DM = Qin1, DM−[(2b1 − 1)QS,1 + (2b0 − 1)QS,1] (7)

where QS,1 is the elementary charge of stage-1 that is defined
as

QS,1 =(VRH−VRL)CD,1 (8)

where VRH and VRL are the high and low reference voltages
for the sub-DAC, respectively.

The residue charge curve obtained from (7) is given
in Fig. 2(c), which is similar to that of a voltage-domain 1.5-bit
pipeline stage except for that the gain is fixed at 1. If all the
subsequent stages are 1.5-bit stages with equal references, they
should observe the relationship QS,n = 2QS,n+1, translating
to a relationship between the DAC capacitors in adjacent
stages of

CD,n = 2CD,n+1. (9)
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Fig. 3. (a) Conceptual representation of VR, and simulated VR as functions
of (b) process corner, (c) temperature, and (d) supply voltage.

Therefore, binary scaling down in capacitance can be observed
along the pipelined stages, which helps to reduce the chip area.
More importantly, although the gain for charge residue is unity,
a voltage gain of larger than one is obtained inherently by the
scaling down of the capacitors, as given by (5).

C. CM Charge Error in BBD-Based Pipelined ADC

From (4) and (9), the BBD-based pipelined ADC has
the potential to realize high resolution because the preci-
sion of the DM charge processing is mainly determined by
the matching between capacitors. However, the CM charge
error has serious impact on the operation of BBD-based
pipelined ADCs. From (1), the CM charge transferred can be
expressed as

QT,CM = −Vin, CMCS + CS(VH1 + VL − VR). (10)

As seen from (10), the CM charge is determined by the input
CM level (Vin,CM), absolute values of capacitors and reference
voltages, as well as the cut-off voltage (VR) of the boosted
BBD itself, which are influenced by PVT variations.

Among others, VR is the most sensitive factor to PVT
variations. The exact value of VR is determined by the inherent
input/output characteristic of the cascode amplifier and the
VTH of the main switch, which can be comprehended with the
assistance of Fig. 3(a). Fig. 3(b)–(d) shows the simulated VR
of a typical boosted BBD in 0.18-μm CMOS as functions of
process corner, temperature, and supply voltage, respectively.
(The value of VR is obtained as the value of VS after the
charge transfer process is terminated.) The large variation of
VR may result in large CM charge error in each pipelined
stage, as given by (10). Moreover, in a multiple-stage pipelined
ADC, the CM charge error accumulates stage by stage along
the pipeline. Because the charge range is limited by the
capacitor values, a small CM variation in the front-end stage
will cause large accumulated CM error in the backend stages

Fig. 4. Conceptual circuit for CM charge error correction in boosted-BBD-
based pipelined ADC [33], [34], [36].

Fig. 5. (a) Simplified structure of boosted BBD for nonlinearity analysis.
(b) Simulated VR as a function of Vin. (c) Transient input/output characteris-
tics with different input steps.

with very small capacitors, which may saturate the stage and
cause remarkable performance degradation of the ADC.

To suppress the PVT-induced CM charge error, complex
mixed-signal calibration circuits combining replica control,
feedforward, and global feedback are adopted to stabilize VR
and hence the CM charge of each stage [33], [34], as shown
in Fig. 4 (circuit details can be found in [36]), consuming
considerable power and chip area. Similarly, the pulsed BBD
in Fig. 1(c) also has the problem of CM charge accumulation.
To avoid complex error calibration circuits, the last eight stages
of the ADC in [35] are realized as conventional SC pipelined
stages, which are also power consuming (account for 60% of
the total power).

D. Nonlinearity of Boosted BBD

Besides the CM charge error, the magnitude of the input
voltage also influences VR, which causes nonlinear distortion
in the ADC. If the cascode amplifier always operates according
to the static input/output curve in Fig. 3(a), VR could be
independent of the input voltage. However, as the charge
transfer is a dynamic process, VR indeed varies with the
sampled value of Vin. In order to find the exact relationship
between VR and Vin, large-signal analysis is carried out using
the simplified structure shown in Fig. 5(a), in which the
amplifier is simplified to a common-source stage with a current
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Fig. 6. Proposed ADC architecture.

source load (IP), and CP is the parasitic capacitance at node G.
In the charge transferring process, VG, VS, and IDS of MS are
functions of time.

Assuming that the charge transferring process starts at t0,
as shown in Fig. 1(b), VS is pulled down to its initial value of

VS(t0) = VH1 − (Vin − VL) (11)

which turns on MS immediately. With charge on CS transferred
to C1, VS(t) can be expressed as

VS(t) = VS(t0) +
∫ t

t0
IDS(t)dt/CS (12)

with IDS(t) given as

IDS(t) = (μnCox/2) · KS · [VG(t) − VS(t) − VTH]2 (13)

where KS is the aspect ratio (= W/L) of MS, μn is the
carrier mobility, and Cox is the specific gate-oxide capacitance.
Normally, M1 is off at beginning because VS(t0) is low;
therefore, VG is pulled up with CP charged by IP. When
VS(t) increases to a value larger than VTH of M1 at a given
time tON, the charging current decreases to IP− IN. Assuming a
initial value of VG(t0), VG(t) can be expressed by a piecewise
equation

VG(t)=

⎧⎪⎪⎨
⎪⎪⎩
(1/CP)·

∫ t

t0
IPdt+VG(t0), (for t0 < t ≤ tON)

VG(tON)+ 1

CP

∫ t

tON

[IP− IN(t)]dt, (for t > tON)

(14)

where IN(t) is the current in M1, and can be expressed as

IN(t) = (μnCox/2) · K1 · [VS(t) − VTH1]2. (15)

Obviously, VG(t) starts to drop after IN(t) increases to be
larger than IP, and the charge transfer process is terminated
eventually when VG(t) − VS(t) = VTH.

The combination of (11)–(15) leads to a piecewise differ-
ential equation of VS(t) over t , which has a second-order
form before tON and third-order form after tON. Although it is
difficult to obtain a closed-form solution for VS(t), numerical
methods reveal that the final value of VS(t) (i.e., VR) is
indeed not a constant but varies with Vin. Fig. 5(b) shows
the simulated VR as a function of Vin, which shows obvious
signal-dependence of VR.

The nonlinearity can also be illustrated intuitively by
Fig. 5(c), which is actually caused by the deviation of the
transient input/output characteristic from the static (dc) curve.
Moreover, in [37], we have verified through simulation that the
BBD’s linearity degrades remarkably with the increase of VH1.
The spurious-free dynamic range (SFDR) can be lower than
60 dB for large values of VH1.

Obviously, the nonlinearity is an intrinsic issue of the
boosted BBD. For a pipelined ADC, the first-stage BBD must
process the full-scale input voltage, which may result in large
nonlinear error in the output spectrum of the ADC. When the
boosted BBD is applied to a pipelined-SAR ADC, the signal
processed by the BBD is attenuated significantly by the first-
stage SAR; therefore, the nonlinearity is no longer a problem
even with a relatively large variation in the input CM level.

III. PROPOSED ADC ARCHITECTURE

Above analysis shows that the differential boosted BBD can
be used to realize low-power and high-precision residue charge
transfer, whereas it also shows drawbacks of accumulated CM
charge error and severe nonlinearity when used in pipelined
ADCs. Fortunately, for a two-stage pipelined-SAR ADC, only
a pair of boosted BBDs is needed for residue transferring,
which permits the usage of zero-power power-up CM charge
correction circuit. Moreover, as the boosted BBD only needs to
process the small residue of the first-stage SAR, the resulting
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Fig. 9. (a) Adjustable CC. (b) SAR-based power-up CM control scheme. (c)
Power-up CM control timing.

On the other hand, the DM residue charge output from the
boosted BBDs can be obtained from (17)

Qres, diff = Qoutp−Qoutn =−(Vp1−Vn1)(Ctot1+Cpar1). (20)

The resulted DM voltage on Cp2 and Cn2 is

Vp2 − Vn2 = −(Vp1 − Vn1)
Ctot1 + Cpar1

Cp2, n2
. (21)

The ideal voltage gain is 16 in this design, which can tolerate
large comparator noise in the second stage. The parasitic Cpar1
increases the voltage gain and the total charge transferred
to the second-stage slightly. Even though the value of Cpar1
varies from the first-stage’s SAR phase to the residue charge
transfer phase, the resulting small fixed gain error can be easily
corrected by gain calibration of the proposed ADC.

As implied by Fig. 6, the drain/source capacitance,
CDS, of MS may cause coupling between the two stages, which
would degrade the signal-to-noise-and-distortion ratio (SNDR)
of the ADC. In order to obtain a small-enough CDS that brings
negligible coupling between the two stages, single-finger gate
structure and relatively large space between the metal routing
for the drain and source nodes have been employed in the
layout of MS.

C. Second-Stage SAR ADC
In order to ensure the interstage voltage gain of 16 while

avoid using unit capacitors smaller than the minimum available
capacitor in our technology (31 fF), the power efficient charge-
sharing SAR structure in [38] is adopted for the second stage.
In addition, the basic quantity processed is charge in the
charge-sharing SAR ADC, which is easy to be combined with
the boosted BBDs.

As shown in Fig. 6, a series of capacitors is used to store
a charge array with binary relationship in the second-stage
charge-sharing SAR. After the residue charge transferring
process, the comparator compares Vp2 and Vn2 directly to
resolve the highest bit of the second stage (b4). Then, the SAR
logic connects C4 between Cp2 and Cn2 with a polarity
determined by the value of b4, which means that the charge
on C4 is subtracted from the received charge on Cp2 and Cn2.
The comparator then resolves b3 based on the resulted differ-
ential voltage. Similarly, b2 ∼ b0 are resolved in the following
SAR process. As the offset requirement is looser than that for
the first stage, the second-stage comparator is realized with

Fig. 10. Stage-2 DAC capacitor array and timing for binary charge storing.

a dynamic preamplifier and a latch without the continuous
amplifier in Fig. 8 to save power, which can ensure an offset
voltage of less than 10 mV.

The binary charge array could be obtained by charging a
binary capacitor array with given reference voltage. However,
this would result in a very small capacitance for the LSB
capacitor, deteriorating the matching performance. In order
to realize the same capacitance for each capacitor, we adopt
the structure in [38] with a modification to obtain better
symmetry, as shown in Fig. 10. With the three charge-sharing
switches added at the bottom, the additional clock signal
that connect the bottom plates of all capacitors to ground in
the whole charge storing process in [38] is also eliminated.
All capacitors in the array have a capacitance of Cu which
is realized with two parallel capacitors of Cu/2 connected in
back to back to ensure almost equal parasitic capacitance at
the two terminals. When CHG is high, both C4 and C3 are
charged to VREF2, while all terminals of C2, C1, and Cd2 are
reset to ground. Then, when SHR1 is high, half of the charge
on C3 is shared to C2. Similarly, SHR2 and SHR3 control
the charge-sharing between C2 and C1, and C1 and Cd2,
respectively. After the charge storing and sharing process,
the charge on C4 is QC4 = VREF2Cu, while the charge on other
capacitors are QC4 = 2QC3 = 4QC2 = 8QC1 = 8QCd2. The
capacitor Cd2 that halves the charge on C1 is not used in the
succeeding SAR A/D conversion process. In addition, several
dummy switches are connected to C4 and C3 to ensure almost
equal parasitic capacitance for all capacitors in the array
(not shown in Fig. 10).

As C4 ∼ C1 are connected between Cp2 and Cn2 in
the succeeding SAR process, twice of the their charge are
subtracted from the received charge with selected polarity.
Therefore, the remaining differential charge on Cp2 and Cn2
after subtraction of QC4 ∼ QC1 can be obtained as

Qdiff = Qres, diff −
4∑

n=1

2QCn(2bn − 1). (22)

Obviously, with a binary charge array, QCn , (22) guarantees
a binary SAR process for quantization of Qres,diff . However,
as one more capacitor is connected to Cp2 and Cn2 after each
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TABLE I

INPUT-REFERRED NOISE BREAKDOWN (CC = 32Cu AND

VFS = 1.6Vpp,diff )

SAR step, the resulted differential voltage is not changed in
a binary SAR fashion. The remaining differential voltage on
Cp2 and Cn2 after subtraction of QC4 ∼ QC1can be derived
as

Vp2 − Vn2 = Qres, diff − 2
∑4

n=1 QCn(2bn − 1)

Cp2,n2 + 2C4 × 4
. (23)

The SAR logic then resolves the last bit, b0, based on the
comparison result made from the voltage expressed by (23).

In order to show the noise contribution from different
blocks of the ADC, the noise breakdown is simulated and
given in Table I. Because the first-stage is a coarse ADC,
the noise from the sample switch and the first-stage compara-
tor (COMP1) has little influence on first-stage output. When
the residue charge is transferred to the second stage, the noise
in the first stage is added as charge noise to the residue
charge which is referred to as “kTC” noise. The charge noise
transferred by the BBD is contributed by all the capacitance
in the first stage including the CM control capacitance (CC).
The worst case is that CC has a maximum value of 32Cu [total
single-ended capacitance in the first-stage is 64Cu(≈ 7 pF)].
This charge noise is transferred to the second stage and
converted into voltage on the second-stage capacitance (total
of 10Cu in the last conversion step), resulting in a noise voltage
power of 4.8 × 108 V2 at room temperature. Considering
the worst-case voltage gain of 3.2, input-referred noise power
for the differential BBD is about 9.4 × 109 V2. As shown
in Table I, the quantization noise dominates the SNR of the
proposed ADC. This means that the proposed ADC archi-
tecture has the potential to achieve higher SNDR if more
bits could be realized by the two stages. In that case, better
capacitance matching may be required for the DAC capacitor
arrays.

D. Redundancy and Statistics-Based Gain Error Calibration

From (16) and (20), the ideal range of the differential
residue charge can be easily derived as

−VREF1Cu ≤ Qres, diff ≤ VREF1Cu. (24)

On the other hand, from (22), the differential input charge
range of the second stage is from −4QC4 to 4QC4. Consider-
ing QC4 = VREF2Cu, the second-stage input charge is rewritten
as

−4VREF2Cu ≤ Qin2, diff ≤ 4VREF2Cu. (25)

To realize an ideal 10-bit resolution, the residue charge range
should match the input range of the second stage. Therefore,

Fig. 11. Residue charge curves considering (a) first-stage comparator offset
and (b) offset between the cutoff voltages in the differential boosted BBDs.

if the two stages have equal unit capacitance, Cu, the reference
voltages of the two stages should have an ideal relationship of

VREF2 = VREF1/4. (26)

However, the offset voltage of the first-stage comparator,
the offset between the cut-off voltages of the boosted BBD
pair, and the mismatch between the differential DAC capacitor
arrays will cause some offset in the residue charge. As seen
from Fig. 11(a), an offset voltage of VOFF in the comparator
results in a residue charge offset of VOFFCtot1. Also shown
in Fig. 11(b), if the differential boosted BBDs have unequal
cutoff voltages of VRP and VRN due to circuit mismatch,
the resulting residue charge offset is (VRP − VRN)Ctot1.
Similarly, the capacitance mismatch between the differen-
tial DAC array also contributes a residue charge offset of
VR(Ctot1,P − Ctot1,N). Under these situations, if the DAC
capacitors and VREF2 in the second stage are still designed
with the ideal values, the residue charge would exceed the
second-stage quantization range, leading to clipping error in
the second stage.

Similar with the voltage-domain pipelined ADC, the offset
in the residue charge can be corrected by proper redun-
dancy. In this charge-domain ADC, redundancy can be easily
implemented with a wider input charge range for the second
stage to accommodate the residue charge with offset, which
can be realized through increasing either VREF2 or the unit
capacitance in the second stage. In circuit implementation,
the effective unit capacitance is larger than the designed value
because of the parasitic capacitance. As seen from Fig. 10,
with a parasitic capacitor of Cpar at both terminals of each
capacitor in the array, the effective differential charge stored
on the unit capacitors is increased. It can be verified that the
charge contribution from Cpar is equivalent to that from a
capacitor of Cpar/2 parallel to Cu. Therefore, the overall range
of Qin2,diff changes to

−4

(
Cu + Cpar

2

)
VREF2 ≤ Qin2, diff ≤ 4

(
Cu + Cpar

2

)
VREF2.

(27)
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TABLE II

SUMMARY OF DESIGN SPECIFICATIONS

Simulation shows that all the offset charge can be accom-
modated if the second-stage input range is enlarged by a
factor of 1.2. Therefore, a redundancy of 1-bit would be an
overdesign that will unnecessarily increase the quantization
noise of the ADC. Instead, a smaller redundancy range is used
in this paper. The parasitic capacitance is about 20% of Cu
from postlayout extraction. Based on this, VREF2 is designed
to 0.22 V, which is 10% larger than its ideal value. Therefore,
the second-stage input range is increased by a factor of about
1.3 including some margin, corresponding to a redundancy of
about 0.4 bit.

Although the residue charge is transferred to the second
stage with a gain of one, enlarging the second-stage input
range by a factor of α is equivalent to divide the transferred
charge by α. As analyzed above, the exact input charge range
of the second-stage is influenced by parasitic capacitance,
which introduces an uncertain error into the gain between the
two stages. An idea similar to the histogram-based calibration
method in [18] is used to extract value of α from the statistics
of the second-stage digital output with a sinusoid or ramp input

α = 2N2/[max(D2) − min(D2)] (28)

where N2(= 5) is the number of bits for the second stage,
while D2 is the digital output code of the second stage.
The calibration is realized through multiplying the second-
stage digital output by the extracted α. For flexibility in
the prototype, the gain factor extraction and calibration are
implemented by an off-chip DSP, which could also be easily
integrated on the chip.

The important design specifications for the proposed ADC
are summarized in Table II. These are chosen based upon a
target sampling rate of 40 MS/s and SNDR of 59 dB.

V. MEASUREMENT RESULTS

The prototype ADC including the core ADC circuits,
a clock generator and a reference circuit is fabricated in an
one-poly-six-metal (1P6M) 1.8-V, 0.18-μm CMOS technol-
ogy. The ADC occupies a small active area of 0.57×0.6 mm2,
as shown in the die microphotograph in Fig. 12. With a

Fig. 12. Die microphotograph.

Fig. 13. Simulated and measured histograms of stage-2 output code.

Fig. 14. Measured DNL and INL.

0.8-V VREF1, the ADC supports a full-scale differential input
signal range of 1.6 Vpk−pk.

Fig. 13 shows the comparison between the simulated and
measured histograms of the second-stage digital output code.
The simulated code is obtained without offset in the first
stage, and the maximum and minimum codes are 3 and 28,
respectively, corresponding to an α of 1.28 from (28). The
measured histogram shifts to right because of the offset, and
has a maximum and minimum codes of 7 and 29, respectively,
resulting in an α of about 1.45. The measured α is larger than
the simulated value because the actual Cpar in the second-stage
DAC is larger than the estimated value from layout.

The INL and DNL are measured using a sine wave his-
togram test at 200 kHz. After calibration with α of 1.45,
the ADC has 704 valid output levels, corresponding to about
9.5-bit resolution. The measured maximum INL and DNL are
+0.43/−0.62 and +0.36/−0.4 LSB, respectively, as shown
in Fig. 14.
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Fig. 15. Normalized output spectrum at 40 MS/s with 1.6-Vpp input sinusoid.

Fig. 16. Measured SNDR and SFDR as functions of the input frequency.

Fig. 17. Measured SNDR and SFDR as functions of supply voltage.

Fig. 18. Measured SNDR versus input amplitude.

As shown in the measured spectrum in Fig. 15 after gain
calibration, at 40-MS/s sampling rate with 1.8-V power supply,
the ADC achieves an SNDR of 57.2 dB and an SFDR of
71.4 dB for a 3.1-MHz full-scale sinusoidal input. The cor-
responding effective number of bits (ENOB) is 9.21 bit. The
measured SNDR and SFDR as functions of input frequency
are summarized in Fig. 16, showing an SNDR of 56.5 dB
(9.09-bit ENOB) and an SFDR 69.5 dB at an input (19.5 MHz)
close to the Nyquist frequency. We also sweep the supply
voltage to check the robustness of the boosted BBD. For a
3.1-MHz sinusoidal input, the SFDR and SNDR remain almost
flat over a supply voltage ranging from 1.7 to 1.9 V (Fig. 17),
showing the lowest values of 56.6 and 69 dB at 1.7 V,
respectively. The CM level is recalibrated for each supply

Fig. 19. Power breakdown.

voltage point for Fig. 17. Fig. 18 shows the measured SNDR
versus input amplitude for 3.1-MHz input under 1.8-V power
supply, showing that the ADC has linear SNDR response up
to the full-scale input. Because of the input range attenuation
provided by the first-stage SAR, the nonlinearity of the boosted
BBD is suppressed significantly. Simulation shows that the
input bootstrapped switch also achieves a SFDR about 80 dB.
The remaining relatively small third harmonic in the FFT
spectrum and the visible pattern in the INL curve are probably
caused by the systematic mismatch in the DAC capacitor array.
Further measurement results for 25 samples with a 3.1-MHz
input show that the SNDR varies from 56.3 to 57.7 dB with
average of 57.3 dB and the SFDR varies from 69.3 to 79.9 dB
with average of 73.9 dB.

The total power consumption including the clock and ref-
erence circuits is 1.87 mW, with power breakdown shown
in Fig. 19. The power for charging the CM control capac-
itance, CC, is by reference voltage VH2. As can be seen,
because relatively large unit capacitance is adopted for good
matching, the two SAR stages in this paper consume relatively
high power. The differential boosted BBDs consumes only
0.06 mW, corresponding to about only 3% of the total power.
The figure of merit (FoM) is calculated with the popular
definition of

FoM = power

2ENOB · fsample
. (29)

The FoM of the proposed ADC is obtained as 78.9 fJ/conv.
from (29). The performance of the proposed ADC is sum-
marized in Table III with comparison to other pipelined-SAR
ADCs using active residue processing circuits. As can be seen,
although the conversion rate and FoM of the proposed ADC
are not as good as others, the boosted BBD consumes the
lowest power among the active residue circuits with explicitly
reported power consumption values in Table III, showing its
low power potential for residue processing in pipelined SAR
ADCs.

As also seen from Table III, the prototype ADC in this
paper adopts relatively larger unit capacitance to minimize the
influence of parasitic capacitance and also for better matching,
resulting in relatively larger power consumption. The FoM
could thus be improved if smaller unit capacitance is used.
On the other hand, the conversion rate of the proposed ADC
is mainly limited by the 0.18-μm CMOS technology used.
The average delay for one bit cycle is about 3.5 ns (including
the delays of the digital logic, DAC, and comparator) for the
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TABLE III

PERFORMANCE SUMMARY AND COMPARISON TO PIPELINED-SAR ADCS WITH ACTIVE RESIDUE CIRCUITS

first-stage SAR and the residue transferring time for the
boosted BBD is about 4 ns, resulting in a 40-MS/s con-
version rate with some margin. The speed’s dependence on
technology can also be observed in reported pure SAR ADCs.
Most 10-bit pure SAR ADCs in 0.18-μm CMOS operate at
conversion rates ranging from tens of kS/s to several MS/s [1],
and some of them can reach up to 30 MS/s [2]. Because
the SAR delay reduces dramatically with the scaling down of
the CMOS technology, the 10-bit pure SAR ADC in 90-nm
CMOS [3] and the 11-bit SAR ADC as a sub-ADC in the
time-interleaved ADC in 28-nm CMOS [4] realize conver-
sion rates of 100 and over 400 MS/s, respectively. Simi-
larly, much smaller SAR delay could be expected for the
proposed ADC in a more advanced technology. Moreover,
the boosted BBD is inherently suitable for more advanced
technologies and can operate under lower supply voltage.
Hence, higher conversion rate and better FoM are expected to
be achieved if the ADC is implemented in a more advanced
technology.

VI. CONCLUSION

Boosted BBDs have been used as low-power and high-
precision residue charge transfers in multistage pipelined
ADCs, while showing drawbacks of large nonlinearity and
severe accumulated CM charge error, which requires power-
hungry real-time calibration circuits to control the CM level
in each stage. It is shown in this paper that the problems are
alleviated significantly when the boosted BBDs are used in
two-stage pipelined-SAR ADCs. The idea is verified with a
10-bit pipelined-SAR ADC implemented in 0.18-μm CMOS
which shows an SNDR/SFDR of 57.1 dB/71.4 dB while
consuming 1.87 mW at 40 MS/s. The boosted BBD residue
circuits consumes only 0.06 mW or 3% of the total power,
showing its low-power potential to be applied in pipelined-
SAR ADCs.
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