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Abstract

High fidelity interface circuits for capacitive accelerometers make use

of feedback for signal detection but these feedback systems are limited by

the sense capacitance and sensitivity of the accelerometers. This prob-

lem is addressed by a variable gain delta sigma based interface circuit

that time multiplexes the accelerometer sense capacitance between the

feedforward gain stage and feedback digital to analog (DAC) stage.

Interfaced with a commercial accelerometer with sensitivity of 4.5

fF/g, the circuit achieves 40.6 dB SNDR in the x-direction and 42.5

dB SNDR in the y-direction due to limitations of the available testing

equipment. With proper equipment, the system has the potential to

achieve 53.0 and 54.9 dB SNDR in the x and y direction respectively

while significantly reducing harmonics associated with the non-linear

variable sense capacitors. Other interface circuits using the same sensor

at comparable power would achieve linearity below 40 dB due to the

limitation of the feedback structure.
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Introduction

The premise of this work is on the readout or interface circuits for

capacitive accelerometers1. As this is a broad topic, this introductory 1 The terms “interface” and “readout”
are used interchangeably in literature
and also in this dissertation.section puts the body of work in context giving motivation for the work

and the main problem it aims to solve.

Section 1.1 motivates the work by giving an overview of analog signal

processing and narrows the scope of the problem. The organization of

the thesis is then outlined.

Section 1.2 gives a historical background on microsensors and the emer-

gence of the capacitive inertial sensor and its limitations.

Section 1.3 gives some important specifications for accelerometers that

are often cited in publications. This is a motivation for the literature

review section.

Section 1.4 proposes a new figure of merit for interface circuits and

provides a literature review of recent work in the area.

1.1 Motivation

1.1.1 Overall Picture of Analog Microelectronics Design

In the past decade, a novice view in the microelectronics field has been

that everything is either digital or is being digitized and as such, analog

processing is a dying field. Looking around us, perhaps this may seem

like a reality; however, whenever you have an electronic signal that must

interface with the real world, inherently you will have a significant analog

front end. This front end can be summarized at a block level as shown

in Fig. 1.1.
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Figure 1.1: An overview of analog-
mixed-signal (AMS) design.

There are two paths shown in Fig. 1.1. The top path is for signals that

are coming from the real world. Ultimately, we would like to get our

signal to the digital signal processing (DSP) block. Once here, we have

a plethora of powerful and efficient digital signal processing algorithms

that we can apply to the signal. We can store the data efficiently and

send it across the world in seconds2. Truly, a world of possibilities open 2 From a human perception, realisti-
cally we can transmit data in Giga
Hertz for wireline or wireless applica-
tions.

up with DSP and combined with inexpensive, small form factor storage

that exists today, there are endless possibilities and applications for our

data. Machine learning has been a topic that now exploits the ever

expanding available data to identify patterns for decision making. But

nevertheless, the real world will always be analog and before we can

interpret the data we have, we must somehow digitize the information.

Therefore, although analog design is at the bottom of the information

chain, it is an integral part that cannot be taken away.

At first glance, digitization seems rather trivial. All we need is an

analog to digital converter (ADC). The problem is that the signals com-

ing from the physical world (for example from an antenna) are very small

and often corrupted by interference and noise. To then perform an ana-

log to digital conversion on this noisy signal directly would require such

a high precision ADC that implementation would either be impossible

or at least very expensive in terms of power and area.

Therefore, it turns out that rather than attempt direct digitization,
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what we end up doing is preceding the analog to digital converter with

blocks such as amplifiers (to make the signal bigger), filters (to elim-

inate noise and interference), and of course, the ADC to pass on the

information to the digital world.

Inherent to the figure above is a sampling process somewhere along

the chain. This is needed to go from a continuous time analog signal to

a discrete time analog signal. Signals in the chain can be divided into

three stages. First, there are the analog signals that represent physical

phenomena and can take any value and are valid at any time. Once the

signal is sampled, it becomes an analog discrete time signal. It can still

take any value but its value is only interpreted at discrete periods in

time. Finally, a discrete time analog signal is then converted with an

ADC to become a digital signal - a signal which is valid at discrete times

and its value is also quantized3. Where sampling occurs in the chain 3 continuous time digital signals do ex-
ist but are rather an academic curios-
ity [1]of Fig. 1.1 and how much of the signal processing is performed in the

analog discrete time domain versus the analog continuous time domain

is in of itself an application specific design choice.

So it is clear that somewhere along the chain of Fig. 1.1 we need to

sample our signal. And to sample signals, we need a clock that must be

provided by a phase-locked loop (PLL). Interestingly, the digitization of

this block has itself been a very active research area [2] [3]. Finally, im-

portant to the above but not specifically contained in the diagram, are

biasing circuits, reference circuits, voltage regulators, digital compensa-

tion blocks - components that are needed to keep the system working at

required specifications. For completeness, we can also look at the bot-

tom path where a digital signal is converted to an analog signal which

in turn will drive some kind of an actuator4. Again, similar arguments 4 a motor for example for heat-
ing/cooling or an antenna that sends
datacan be made as to why a digital signal cannot directly be converted to

an analog continuous time signal, and some processing is needed. Once

more, inevitability somewhere in this chain we must make a transition

from the discrete time domain to the continuous time domain. It may

be as simple as a single node, but that transition must exist.

Therefore, although the drive for digitization is valid, nevertheless,

analog signal processing is a fundamental part of this effort. Most im-

portantly, the first element of the chain, where a transducer converts a
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real world signal into an electrical one is critical. This transition from

the physical domain to the electrical domain and the subsequent need

for digitization is the general domain of this thesis.

1.1.2 Scope of the Thesis

In the previous section, we have described in broad terms the field of

analog mixed signal processing or AMS 5. Research in analog electronics 5 this is a widely used industry term al-
though somewhat of misnomer.

is often at specific blocks such as amplifiers, filters, PLLs, ADCs or

auxiliary circuits that accompany them.

However, the previous section also demonstrated that at a system

level, trying to capture an analog signal and convert it to a digital signal

is very application specific. Depending on the specific application, the

signal processing components in our path and transitions between signal

domains can be widely different. For a specific application, we may forgo

the use of amplifiers as the signals may be large enough. For others, there

may not be a need for interference cancellation. Therefore, this thesis

is not particularly interested in pushing the boundaries of any specific

block, but rather proposing an application specific system level design

with the end goal of digitization.

The application that is aimed for is capacitive accelerometers. There

are a variety of reasons for choosing these types of sensors. They are

relatively inexpensive to manufacture due to a streamlined manufactur-

ing process driven by having large volume applications6. Thanks to 6 Automotive industry makes extensive
use of these sensors in cars

an interdigitated or comb drive structure proposed in 1980’s [4], the

sensitivity of these accelerometers can be relatively large. Capacitive

accelerometers also provide good noise and temperature immunity [5].

Finally, they are quite flexible in the environmental variables that they

can detect. Although an accelerometer can only detect force, there are

many physical phenomena that induce a force and hence, the range of

physical signals that can be detected with accelerometers is quite di-

verse. If the force being detected is the result of an acceleration, then it

can also be used to deduce velocity and distance, and many applications

can be thought of in each of these categories7. 7 We will use the term acceleration to
mean force going forward. It should be
clear, however, that acceleration does
not necessary mean movement depend-
ing on the context.

Every application has its challenges, but for a system level design as

illustrated in Fig. 1.1, the input to the system becomes a major obstacle.
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Designs for specific blocks will always assume a perfectly linear input for

testing purposes. A PLL designer assumes that a crystal with negligible

phase noise (for the intended application) exists. An ADC or filter de-

signer will design and characterize their system based on a perfect input

sine wave 8. In a system level design, the input itself then becomes the 8 or at least, a signal whose perfor-
mance is above the performance of the
ADCmost underpinning design criteria that must closely mimic the physical

device. No matter how well other blocks are designed, if the input to this

system is not characterized and considered in the system level design,

then the design does not achieve its purpose.

Thus, this thesis proposes a system level design for digitizing signals

from capacitive accelerometers. As such, the characterization of the

mechanical accelerometer and its limitations becomes very important in

design. To help with the flow of the manuscript, this topic is explored in

Appendix D and E and the results used in making system level design

choices. We will state these results here to narrow the scope and outline

the organization of the thesis.

Figure 1.2: A closed loop or force
feedback accelerometer (ADXL050) as
shown in front cover of an electronics
textbook. ADXL050 was a closed loop
or force feedback accelerometer mar-
keted by Analog Devices (circa 1992).

1.1.3 Open Loop versus Closed Loop

ASICs for capacitive accelerometers can be divided into two broad areas.

The areas are based on whether the electronic circuitry actively tries to

reduce the mechanical movement of the sensor through feedback. Me-

chanical closed loop systems have been a recent idea, first established in

1990 [6]. The first commercial product in this area was the ADL050 from

Analog Devices (see Fig. 1.2). Both these techniques have tradeoffs and

these are discussed in some detail in Appendix E. The proposed design

in this thesis, however, focuses on an open loop implementation mainly

because open loop systems operate at lower power, are less complex, less

costly and therefore, have a broader application basis. Improvements in

open loop design can therefore have a larger impact.

1.1.4 Dual Chip versus Single Chip

A second category organization for interface circuits is to whether to in-

corporate the sensor and the interface circuit together (single chip) or to

manufacture each separately and bondwire them together (dual chip).

There are tradeoffs to each approach. Incorporating a single chip solu-
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tion requires a process that can implement electronic components along

with fabricating the mechanical structure of the sensor. These processes

are surprisingly quite prevalent. A trend in the microelectronics indus-

try has been for older CMOS or Bipolar processes to be modified for

MEMS fabrication in order to expand the lifetime of these foundries

and achieve additional revenue. Generally, however, the quality of the

electronic parts manufactured in mixed processes is rather poor. Tem-

perature and processes needed to create mechanical structures are in

many ways incompatible with CMOS and Bipolar processes [7]. This in

turn means that either specialized steps are needed (driving up costs), or

the choice and quality of circuit elements is limited. On the other hand,

single chip solutions have better noise immunity and less parasitics which

generally are beneficial to interface circuits. This thesis focuses on a two

chip solution. The accelerometers are manufactured and designed by a

commercial vendor and the electronic circuitry is fabricated in a 0.13

µm CMOS technology and bonded together in a QFN package.

1.1.5 Organization of Thesis

The field of interface circuits is quite broad, and this manuscript aims

to narrow the scope in an intuitive manner and arrive at the problem

for which a solution was implemented. We have already narrowed our

scope considerably. As discussed in the previous section, from a practical

standpoint, the focus is on capacitive accelerometers that are interfaced

separately with an ASIC and operated in open loop.

Section 1.2 gives a mechanical overview of these sensors by highlight-

ing the historical events that led to their development. The major prob-

lem with these sensors is then highlighted; mainly that the capacitance

change due to an external force is extremely small and inherently non-

linear. The rest of the dissertation then focuses on how interface circuits

can be used to overcome these problems.

Having established the mechanical structure and the associated prob-

lem, in Chapter 2, the field of open loop interface circuits for capacitive

accelerometer is further organized9. We make a distinction between 9 To be more specific, techniques out-
lined are equivalently applicable to
closed loop systems but the emphasis
will be on open loop details.

displacement measurements and velocity measurements in Section 2.1

which is very often overlooked in sensor analysis. We then focus on
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displacement measurements and organize this area into three broad cat-

egories: current, voltage and charge measurements. Each of these circuit

types is examined and the theoretical resolution of these circuits is ana-

lyzed. Based on this analysis, we conclude that for open loop capacitive

sensors that are implemented in a two chip solution, a switched capacitor

charge based circuit is the most appropriate. Finally, Section 2.6 looks

at the possible outputs that the various circuit topologies can achieve.

The analysis shows that the best results are obtained with a ratiometric

charge balanced output.

In Chapter 3, the proposed solution is laid out based on the results

of the previous section; mainly that for a two chip solution in open loop

configuration, the best possible fidelity based interface circuit is one that

achieves ratiometric output and is charge balanced. This result leads to

the use of delta sigma modulators (DSM) as capacitive ratio circuits

that easily adapt to the digital domain with the use of a decimation

filter. As a solution using a DSM is laid out, a problem arises. Due to

the unique structure of the sense capacitors, the feedback signal often

overpowers the feedforward signal leading to what we call the low sig-

nal tone problem. This is very unique to capacitive accelerometers due

to their physical construction and more importantly, arises in any sys-

tem that makes use of feedback to achieve ratiometric charge balanced

outputs. The solution then lies in using a separate time multiplexed

feedback and feedforward signal path which allows us to independently

adjust the signal gain and feedback gain overcoming the low tone signal

problem. Finally, precision signal processing techniques for the circuit

including adaptation to differential signal processing are discussed in

Section 3.5.

Finally, chapter 4 details the measurement of the fabricated circuit as

a regular delta sigma modulator (Section 4.1), with generated accelerom-

eter signals (Section 4.2) and finally with an integrated accelerometer

(Section 4.3). Fig. 1.3 summarizes the above described organization.
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Figure 1.3: Organization of disserta-
tion. Blank boxes are areas that are
not extensively analyzed.
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1.2 Physical Construction of Capacitive Accelerometers

The acronym MEMS - micro-electro-mechanical sensors or systems -

was first introduced in 1989 [8]. The term was used to distinguish be-

tween newly developed and commercialized microsensors (built using

semiconductor fabrication technology) and traditional miniaturized sen-

sors (built using lathe machining technology). The history on how this

new field developed parallels that of the microelectronics industry and

it is worthwhile to briefly go over this development, as it leads directly

to the invention of the capacitive accelerometer. F

Figure 1.4: A miniaturized strain gauge
sensor.

One of the more popular early machined sensors was the strain gauge

sensor as shown in Fig. 1.4. In these sensors, a material was deposited

on a surface such that a strain caused a physical change in the material.

This change then resulted in a change in resistance that could be de-

tected electronically. The sensitivity of these sensors greatly depended

on the rate of physical deformation as given by the material’s Young

modulus.

Figure 1.5: The first miniaturized
piezoresistive sensor using silicon.

In 1954, long before semiconductor microelectronics had gained popu-

larity, a mechanical engineer published a paper reporting that the change

in resistance of germanium and silicon was much larger than counterpart

metal strain gauges [9]. He had discovered that this large change in resis-

tance was dominated by change in resistance and gave some arguments

as to why a mechanical change in the material can lead to a change in

resistivity - a property that until then was thought to be largely inherent

to the material. This property was termed the piezoresistive effect and it

led to research into building strain gauges with semiconductor material.

Figure 1.6: A miniaturized piezoresis-
tive sensor without the use of epoxy.

After the discovery and analysis of the piezoresistive effect in the

1950’s, the first step in making microsensors was to use silicon as a

mechanical material for the sensor. The first piezoresistive sensor mak-

ing use of silicon as a structure was reported in 1962 by Tufte [10]. It

consisted of a silicon diaphragm with piezoresistors (p-doped silicon) in-

troduced into it by diffusion. The diaphragm was bonded to a glass or

metal substrate using an epoxy (Fig. 1.5).

Figure 1.7: A piezoresistive microsen-
sor. The cavity is formed by wet etch-
ing of silicon.

This was the first time a mechanical sensor used silicon both as the

sensing and structural material. The next milestone was the use of



28 a variable gain direct digital readout system for capacitive inertial sensors

drilling techniques to create complete structures in silicon without the

need for an epoxy (Fig. 1.6).

Finally, in the mid 1970’s, anisotropic etching techniques were used

to create a microfabricated piezoresistive sensor [11]. This was the first

“microsensor” where for the first time in history, a functional device

was completely fabricated using (borrowed) semiconductor fabrication

technology (Fig. 1.7).

Although piezoresistive pressure sensors dominated the commercial

industry in the 1980’s and early 1990’s, from the very outset, there was

active research into finding alternatives. This was mainly due to the

limitations of piezoresistors which include:

• Piezoresistive effect is largely due to stress rather than physical de-

formation of the material. This became an issue because packages

created stress or thermal mismatch resulting in an offset and temper-

ature drift in the output.

• The temperature coefficient of piezoresistors is in the order of 10−3

(percentage change in resistance due to temperature) which is quite

large and unacceptable for many applications. To overcome this,

careful calibration and temperature compensation techniques were

used leading to higher costs.

These issues led to research throughout the 1970’s and 1980’s into

other sensing techniques and at the forefront was capacitive sensing.

Capacitive sensors do not rely on the mechanical properties of the ma-

terial and therefore are much more stable than piezoresistors but have

drawbacks as we will discuss shortly. Following on the footsteps of the

piezoresistor, a capacitive pressure sensor was first developed similar to

the one shown in Fig. 1.8 [12].

P

Glass Plate

Si

Aluminum 
electrode

Figure 1.8: An early capacitive pres-
sure sensor making use of silicon fabri-
cation technology.

In this configuration, the silicon diaphragm serves as one electrode

and the aluminum film in the cavity as the second non-moving electrode.

The cavity must be a vacuum to measure absolute pressure accurately.

If not, then the pressure measured becomes a strong and complicated

function of air with poor control. The operation is straight forward. The

pressure displaces the diaphragm and changes the capacitance. There-

fore, pressure is dependent on the capacitance between the plate and
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aluminum electrode. There are, however, many practical issues with ca-

pacitive pressure sensors [13] and these sensors have failed to be widely

accepted in the market.

Where the capacitive pressure sensor has failed, the capacitive ac-

celerometer has been very successful. Following the structure of a pres-

sure sensor, an early adaptation of theses sensors used two parallel plates

that would deform from some physical force being applied to it. This is

shown Fig. 1.9 [14]. The capacitance change is given by

F

d

d
x

CC s
s

+
=+

1

Fx∝

Figure 1.9: An early capacitive ac-
celerometer and the equivalent simpli-
fied electrical model. Note that a more
robust model would include parasitic
capacitances at each node as well as the
equivalent series resistances.

C+
s = Cs

1 + x
d

, (1.1)

where Cs is the equivalent capacitance of the structure at rest (zero

force), d is the nominal distance between the parallel plates (at rest),

and x is the displacement under the force F (t). For small displacement,

x << d, the displacement is proportional to F (t) according to

x(t) = 1
k
F (t) , (1.2)

where k is the spring constant associated with the moving plate. The

above equations highlight the clear drawback of capacitive sensing. Ca-

pacitive sensing is inherently non-linear because the capacitive change is

a nonlinear function of the measurand x(t) and conversely F (t). More-

over, the capacitance change is very small10 making detection difficult 10 in the order of attofarads!

especially in the presence of parasitic and stray capacitances and elec-
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tromagnetic interference from the environment.

The next major advancement in mechanical sensors11 occurred in the 11 and arguably the reason for their
market acceptance

1980’s. It was proposed to build mechanical sensors in a planar fabri-

cation process. This structure became known as the interdigitated or

comb drive 12 as shown in Fig. 1.10 [15]. 12 The main application was to drive
the structure to create motion, in which
case the sensor is now an actuator
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Figure 1.10: A surface micromachined
capacitive accelerometer using an inter-
digitated structure.This structure has several benefits. Previous structures such as the

one shown in Fig. 1.9 used the entire bulk of silicon and as such were

called bulk micromachined. The structure of Fig. 1.10 can be built on a

planar or surface micromachined process similar to how semiconductor

circuits are built. This has a lower cost than its bulk micromachined

counterpart as well as being more adaptable to fabricating electronic

circuitry on the same die.

Furthermore, the interdigitated structure allows for differential capac-

itive sensors where capacitors change in opposite directions according to

C+
s = Cs

1− x
d

and C−s = Cs
1 + x

d

. (1.3)

This has several advantages including lower non-linearity as will be dis-

cussed further in Chapter 2.
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Finally, the structure allows for a compact way of increasing total

sense capacitance. Static capacitance associated with the fringe electric

fields reduces the sensitivity of devices13. The interdigitated structure 13 The amount of capacitance change
per unit of force

allows for large sense capacitors relative to fringe capacitance in a com-

paratively smaller area. For completeness, Fig. 1.11 shows an interdigi-

tated structure using bulk micromachined fabrication.



S
C



S
C

Figure 1.11: A bulk micromachined ca-
pacitive accelerometer using an inter-
digitated structure.Recent advancements in manufacturing of capacitive accelerometers

focus on optimizing manufacturing steps for lower costs [16], and reduc-

ing stress induced movements associated with fabrication and packag-

ing [17] [18] [19]. Challenges also exist in fabricating dual or tri-axial

accelerometers. For many applications, force detection is needed in lat-

eral directions (x, y) or all three directions (x, y and z). This makes

manufacturing a challenge14 and fabrication techniques have been de- 14 especially if differential structures
such as the one shown in Fig. 1.10 are
neededveloped in creating such structures in both bulk and surface microma-

chined technologies [20] [21]. All these techniques have a tradeoff with

cost as additional mask layers or post processing is required to achieve

different structures.

For the rest of this dissertation, we will focus on interface circuits for

accelerometers that are differential in nature (either achieved through

interdigitated structure or otherwise) with capacitance change given as

shown in Eq. (1.3). Before we delve into this topic, however, we need

to discuss specifications for accelerometers and develop a figure of merit

for interface circuits.
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1.3 Accelerometer Specifications

This section summarizes some of the most commonly used specifications

for accelerometers. The detailed analysis of the mechanical operation of

accelerometers is given in Appendix D. The definitions in this section

are used for the literature review and throughout the manuscript.

1.3.1 Sensitivity

Sensitivity15 is defined as a sensor’s electrical output to the mechanical 15 Also called Responsivity or Scale
Factor

input. For accelerometers, this is volts/g where g is the unit of grav-

ity equal to 9.8 m/s2. Sensitivity is only valid at a specific frequency

(typically 100 Hz) and temperature range (typically 25± 5°C). It is also,

strictly speaking, only valid at a specific input (for example 2 g). Some-

times the sensitivity is cited with a tolerance (±5%) to specify that it is

not constant with input.

Since the sensitivity of a sensor depends both on the readout circuitry

and the sensor itself, it is useful to define two other sensitivity terms.

Sensor sensitivity is the rate of transducer change to mechanical input

(capacitance per unit of g for capacitive accelerometers) and the readout

sensitivity as the rate of electrical output change to transducer change

(voltage per unit of capacitance for capacitive accelerometers).

Sensitivity plays a major role in determining the fidelity of an ac-

celerometer system as will be discussed in the next section. Although

publications in the area of sensor interface circuits are not consistent

in reporting sensitivity values, values can be fairly accurately estimated

using the static capacitance of the sensor and an estimation of the dis-

placement x under acceleration.

1.3.2 Frequency Response and Bandwidth

Frequency response is the sensitivity over the entire frequency range and

often exhibits a low pass behaviour as is the case for accelerometers.

Bandwidth is defined as the frequency at which the sensitivity falls 3

dB below the nominal sensitivity (defined by the sensitivity parameter).

For capacitive accelerometers, frequency and bandwidth are closely tied

to the natural frequency of the mechanical sensor, ωn.
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1.3.3 Range

Also called dynamic range, this is defined as the difference between the

highest and lowest detectable input signal. The highest value is either

set by the sensor physical limit or saturation of the electronic circuitry
16 and the lower limit is set by the noise floor or resolution (see Section 16 There does not appear to be a rigor-

ously defined “acceptable” upper range
for interface circuits such as spurious
free dynamic range (SFDR) that is seen
with electronic blocks.

1.3.5). A related parameter is the full-scale range defined as the input

range for the sensor. It is often cited in the descriptive title of the sensor,

for example, a ±5 g three-axis surface micromachined accelerometer.

1.3.4 Linearity

Ideally the sensor’s sensitivity should be the same across its input range

but is often not the case. Linearity is then a measure of how far the

sensor’s output deviates from its ideal linear output. There are sev-

eral methods to specify linearity. The most common is to define it as

the maximum percentage deviation from the specified sensitivity over

the entire range of the sensor. For example, 0.1% for ±5 g full-scale

range. Since this definition is rather restrictive, and sensors often have

worse linearity at higher inputs, another method is to specify piecewise

linearity such as 0.1% for ±1 g, 0.5% ±(1 : 2) g, etc.

1.3.5 Resolution or Noise Floor

This is the system’s noise floor or the smallest input value that can be

detected. For accelerometers, noise is broken into mechanical thermal

noise and electrical noise and often cited as µg/
√
Hz. Since these noise

sources are uncorrelated, the total noise is given by

atotal =
√
a2
nm + a2

ne , (1.4)

where anm is the mechanical thermal noise and ane is the electrical noise.

Publications often do not break the noise component into parts but it is

clear that having an accelerometer with a lower mechanical noise floor

allows for better overall system design. This issue must be taken into

account when creating a figure of merit as will be discussed in the next

section.
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1.3.6 Resonant Frequency

Resonant frequency is the frequency at which the sensor exhibits maxi-

mum sensitivity due to the natural resonance of the mechanical device.

There may be several resonant frequencies for a device in which case the

lowest frequency is cited. For open loop systems, the resonant frequency

can be a gauge for the maximum frequency the device can operate at.

For closed loop or force feedback systems, resonant frequencies add ad-

ditional poles to the overall system making stability an issue.

1.3.7 Cross-Axis Sensitivity

Cross-axis sensitivity is a measure of how much one axis of a device

changes due to an input on an orthogonal axis. For example, x-axis cross

sensitivity due to a y-axis acceleration may be sited as 3%. Therefore,

for every g of acceleration in the y direction, the x-axis experiences a

0.03 g acceleration. For testing, cross sensitivity should be performed

to ensure that measurements in one direction do not influence another.

Mechanical design of accelerometers for low cross-axis sensitivity is also

an active area of research [22].

1.4 Literature Review and Figure of Merit Construction

1.4.1 Developing a Figure of Merit for Comparison

When comparing two systems, it is very important to have a rigorous

metric that is the property of the circuit, and not of external factors.

In AMS design, several metrics exist for comparison and these metrics

have had a history of revision mainly based on achieving an apple to

apple comparison of designs. Some of these include maximum achievable

SNDR, spurious free dynamic range (SFDR), and more commonly in

high frequency system design the input/output referred third intercept

points (IIP3, OIP3) and the 1-dB compression point.

Finding a fair figure of merit (FOM) for a sensor interfaced with elec-

tronics is challenging and an established FOM is yet to be found. The

challenge lies in the fact that the structure of the mechanical devices will

have a great effect on the signal fidelity and power consumption of the
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underlying system. This is further complicated by the systems that do

not provide all the necessary information regarding the type of sensor

in use. In the following sections, some of these issues are discussed and

a figure of merit is proposed to achieve a fair comparison for interface

circuits.

SNDR and Device Sensitivity Tradeoff

Device sensitivity plays a major role in determining the fidelity of output

signals. To demonstrate this, assume that there are two accelerometers

and the exact same readout circuit is used for both systems. This sce-

nario is shown in Fig. 1.12.

Figure 1.12: Two systems with different
accelerometer sensitivities.

Now assume that the device sensitivity for one sensor is a factor λ

larger than the other. Accordingly, the output of the first sensor would

be λ higher than the other and the signal power would be λ2 higher.

Therefore, if the FOM for interface circuits only accounts for fidelity in

the form of maximum SNDR, then circuits with higher sensitivity devices

would have a clear advantage. Therefore, for the figure of merit to be

only a function of the interface circuit, the fidelity must be discounted

relative to the sensitivity. This problem is not an issue in other analog

blocks because inputs are assumed to be coming in at the full scale of

the power supply.

One issue with the above analysis is that it does not take into ac-

count the sensor’s mechanical noise as it relates to the device sensitivity.

The mechanical noise is inversely proportional to the mass of the de-
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vice. However, it is clear from the physical construction of capacitive

accelerometers as shown in Fig. 1.10 and Fig. 1.11 that to increase the

mass of the device, we will inevitability have to increase the total sense

capacitance. This in turn means that the noise is inversely proportional

to sensitivity because if we want to double the capacitance we inevitably

must double the volume17. Based on the above discussion, we can write 17 It is possible to design custom ca-
pacitive accelerometers that increase
mass size without increasing capaci-
tance, but this is a niche area. Once
a manufacturing process has been es-
tablished for accelerometers, sensitivity
and mass would be proportional to each
other.

that

anm = K

S
. (1.5)

where anm is the mechanical thermal noise of the sensor, S is the sen-

sitivity of the sensor given in terms of pF/g and K is a constant of

proportionality. The total noise of a system having a mechanical sen-

sor and an electronic interface circuit is given by Eq. (1.4). Referring

to Fig. 1.12 and Eq. (1.4), we can see that the advantage of a higher

sensitivity device is not simply in the signal power but also the device

mechanical noise. Therefore, we need a factor that accounts for both.

Taking the ratio between the SNR of the first system compared to the

second system we have

SNR fraction = Signal to noise ratio of system 1
Signal to noise ratio of system 2

= λ2A2√
K

λ2S2 + a2
ne1

×

√
K
S2 + a2

ne2

A2 , (1.6)

where ane1 and ane2 are the interface electronic noise for system 1 and

2 respectively.

At this point, we need to make some simplification in regards to how

the electronic noise will be designed relative to the mechanical noise.

Since the noise sources are assumed to be uncorrelated, they add up

as a sum of squares. Therefore, there is little incentive to aggressively

reduce one noise source compared to the other. For example, if the elec-

tronic noise is reduced to 1/4 of the equivalent mechanical noise, then the

electronic noise will only contribute 1/5 towards the total noise power.

As a result, reducing the electronic noise beyond a certain percentage

below the mechanical thermal noise (or vice versa) has diminishing re-

turns. Let the thermal noise relative to the mechanical noise be given
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by a factor β, as such we can simplify the above as

SNR fraction = λ2√
(1+λ2β)K
λ2S2

×
√

(1 + β)K
S2

= λ2

√[
(1 + β)λ2

1 + λ2β

]
. (1.7)

Taking the extremes, if β = 0, we have a noise free interface circuit. In

this case, a device that has better sensitivity by a factor of λ would result

in a better SNR by a factor of λ3 18. Taking the opposite extreme, if the 18 λ2 factor is due to the improved sig-
nal and an additional λ factor is due to
the lower noise from the larger device
mass

interface circuit is extremely noisy compared to the sensor mechanical

noise (β >> 1), then the improvement to SNR is equivalent to λ2 or

completely due to an increase in the signal amplitude. A good design

choice, as discussed above, is to choose β = 1/4. In this case, we can

rewrite the above formula as

Snormalized = λ2

√[
1.25λ2

1 + 0.25λ2

]
. (1.8)

Therefore, the signal fidelity should be normalized by the factor given

by Eq. (1.8). When comparing several systems, we can choose one sen-

sor as the reference device, and use its sensitivity to normalize all other

device sensitivities.

SNDR and Input Force Tradeoff

Another factor that skews comparison of accelerometers systems is

driving capability. Assume that two accelerometers with the same sensi-

tivity and the same readout circuits are implemented but one accelerom-

eter is driven harder by a factor α as shown in Fig. 1.13. In this case,

there is an improvement in signal of α and in power of α2. In an AMS

system, this is akin to having two designs with different power supplies

and FOM’s generally do not take this into account 19. The issue, how- 19 For example, FOM’s comparing
ADCs

ever, is that this problem is much more pronounced for accelerometer

systems especially for research purposes. For example, if a system is

driven by 1 g versus another which is driven by 8 g, the second system

will have a factor of 64 increase in signal power!
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Therefore, to make a fair apple to apple comparison for accelerom-

eters that have varying input ranges, the fidelity of these systems, as

measured by the maximum SNDR, must be normalized to a unit of

drive acceleration force.

Figure 1.13: Two systems with different
driving capabilities. The second system
will have better simply for being driven
by a higher force.

Based on the discussion of device sensitivity and input drive, we can

normalize a reported system’s maximum SNDR according to

SNDRNormalized =
SNDRreported

Snormalized ·Full Scale
, (1.9)

where Snormalized is the sensitivity factor given by Eq. (1.8) and Full

Scale is the maximum force that the accelerometer is driven at.

Power and Sense Capacitance Tradeoff

Finally, apart from signal fidelity, power plays a major role in com-

paring different systems. It is well accepted that power trades off against

bandwidth. For example, for a two stage op-amp, the bandwidth pro-

portional to the transconductance gm of the input pair which is directly

proportional to current. When an interface must be combined with a

mechanical sensor, power consumption is complicated from two view-

points. To demonstrate this, assume that we have two sensors with all

the same parameters except that the static capacitance, Cs, is different
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in one by a factor of K as shown in Fig. 1.14.

Sensor Readout
pC

Sensor Readout

oS CC =

A

A

oS KCC =

System 2 

System 1

pC

Figure 1.14: Two systems with different
accelerometer sense capacitances but
same sensitivity.

The effect of increased sense capacitance is not trivial and depends

on the type of readout used. This topic is more readily discussed in

Section 2 but the conclusion for power is rather straight forward: total

capacitance at the input of the interface circuit is directly proportional

to power consumption. Therefore, power must be normalized to the

total sense capacitance.

As we discussed in the previous section, the total sense capacitance

is directly proportional to sensitivity. Therefore, a system that has a

large sensitivity will inevitably have a large capacitance that will con-

sume more power. As a result, the power consumption must also be

normalized by the sensitivity factor λ.

Power and Parasitic Capacitance Tradeoff

One final caveat is the parasitic capacitance associated with an in-

terface circuit. This merits special attention because as discussed previ-

ously, parasitic capacitance for a two chip solution versus a single chip

solution can be several orders of magnitude higher. As before, parasitic

capacitance will directly tradeoff with power and as such, the power

consumption must be normalized to the total parasitic capacitance. As

we discussed previously, we prefer to work with the device sensitivity as

this directly is proportional to sense capacitance20. 20 Since we have used the device sensi-
tivity to normalize SNDR, it is prudent
to use the same variables to minimize
errors. Furthermore, not all parame-
ters are reported in literature reviews
but sensitivity is often documented.

We therefore need a method to convert the device parasitic capac-

itance to an equivalent sensitivity factor. This can be accomplished
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by looking at the ratio of device sensitivity to sense capacitance. By

comparing several devices, this ratio is determined to be approximately

100− 200. In other words, for every fF of capacitance change, a device

nominal capacitance would be 100− 200 fF or there is a 0.5− 1% change

in sense capacitance per unit of g. If we take an average of 150, then we

can scale the power by the following factor:

Powerfactor = λ+ Cp
150 . (1.10)

Based on the discussion above, to get an apple to apple comparison, the

Figure 1.15: Two systems with dif-
ferent parasitic capacitance values be-
tween the accelerometer and the inter-
face circuit. This would be expected
in a dual chip versus single chip imple-
mentation.

power of an accelerometer system must be normalized to bandwidth and

the sensitivity factor given by Eq. (1.10) [23]. As such, the normalized

power is given by

PowerNormalized =
Powerreported

BWsystem ·Powerfactor
. (1.11)

In lieu of the above discussion, we propose the following figure of

merit:

FOM =
(
SNDRNormalized
PowerNormalized

)
=

(
dB
g

)
(
µW
Hz

) . (1.12)

This FOM indicates that a higher number is better. However, since

power and fidelity are very application dependent, it is better to look at

this FOM graphically as is done in the literature review section.
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1.4.2 Literature Review

A literature review for both open loop and closed loop systems is shown

in Tables 1.1 and 1.2 respectively. This list only includes systems that

successfully integrate an accelerometer with the interface circuit or re-

port modeling of accelerometers. We avoid systems that are proposed

for interfacing but do not include a sensor or a rigorous sensor model in

reporting results. Unless specifically mentioned, parasitic capacitance

for dual chip implementations are estimated to be 2500 fF and 100 fF

for single chip implementations. The reference device sensitivity for cal-

culating the normalized SNDR is 4.5 fF/g. The FOM value shown as a

single number is a poor indicator and it is better to look at the FOM as

a plot which is done in the next section.
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Reference Group Year
Sensitivity Full Scale Bandwidth SNDR Power FOM

(fF/g) (pk-pk g’s) (Hz) (dB) (mW)
(
dB
g
)(

Hz
µW

)
[24] Amini, S.B 2017 4.5 8 62.5 54 0.64 3.723

[25] Wu, J. 2004 1.6 6 580 20 30.0 0.627

[26] Amini, B.V. 2004 200 2 75 57.4 6.0 0.0871

[27] Lee, W.F. 2008 20 100 500 45 10.0 0.0136

[28]a Paavola, M. 2011 200 8 25 69 0.224 0.2336

[28]b Paavola, M. 2011 200 8 1 72 0.02 0.1092

[29] Tan, S.S. 2011 1.2 4 500 43.7 5.148 21.13

[24] Commercial surface micromachined accelerometer, dual chip implementation, parasitic capacitance of 2.5
pF.

[25] Single chip implementation, parasitic capacitance of 80 fF. Uses a custom accelerometer with two sets of
changing sense capacitors (four sense capacitors in total). Full scale range of ±6 g is harmonically limited with
THD of −20 dB. No other SNDR information given, using this as the SNDR value. The resonant frequency of
sensor cited as 5.8 KHz; as such, bandwidth is estimated at 580 Hz.

[26] Reports noise floor of 110 µg/
√
Hz in a 1 Hz bandwidth. Using reported bandwidth of 75 Hz, SNDR is

calculated to be 57.4 dB.

[27] Custom accelerometer with four sense capacitors. SNDR is distortion limited by the even harmonic and
estimated (from graphs) to be 45 dB.

[28] Dual chip implementation, parasitic capacitance estimated to be 2.5 pF. Does not include any frequency
measurements. Based on DC noise floor, claims 73 dB dynamic range. At full scale, assuming systems is not
harmonically limited, this translates to 69 dB SNDR.

[29] Single chip with custom accelerometer but ambiguous on test setup. System noise floor at full scale from
graphs estimated to be 200 µg/

√
Hz (claims 54 µg/

√
Hz) giving 43.7 dB SNR.

Table 1.1: Open loop systems literature
review.
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Reference Group Year
Sensitivity Full Scale Bandwidth SNDR Power FOM

(fF/g) (pk-pk g’s) (Hz) (dB) (µW)
(
dB
g
)(

Hz
µW

)
[30] Lemkin, M. 1999 6.1 24 100 74 135.0 0.0046

[31] Petkov, V. 2005 22.5 2 100 53.5 13.0 0.0549

[32] Kulah, H. 2006 19400 2.2 1000 120 7.2 0.9324

[33] Amini, B.V. 2006 5000 1 500 95 4.5 2.368

[34] Condemine 2005 210 6 50 50 2.64 0.0763

[35] Pastre 2009 393 11 300 96 12.0 0.0509

[36] Sönmez 2014 168 40 250 101 16.7 0.0215

[30] Paper is missing some information, SNDR results obtained from the author’s thesis [37]. Sensitivity found
by using device dimensions.

[31] Design is extensively tested for gyroscopes with mention of use for accelerometers. For accelerometers,
system noise floor is cited as 150 µg/

√
Hz for 1 g DC input and 100 Hz bandwidth resulting in 53.5 dB SNR.

Used sensor mass of 7.5 µgrams to estimate sensitivity.

[32] Bandwidth is ambiguous, resonant frequency of accelerometer given as 1 KHz, taking half this for the
bandwidth. Group uses a very specialized post process custom bulk accelerometer extensively reported in [38]
where device sensitivity value was obtained.

[33] Only measures dynamic range of 95 dB and unclear how this was measured. Used dynamic range value
as SNDR although likely overestimating system linearity.

[34] Sensitivity of device estimated based on the noise floor and sensitivity of similar devices. SNDR and full
scale range are not specifically reported; therefore, values are estimated from Fig. 13.6.2 of paper.

[35] Sensitivity of device estimated based on the noise floor and sensitivity of similar devices.

[36] Uses a bulk micromachined accelerometer to lower mechanical noise floor below electronic noise floor.

Table 1.2: Closed loop systems litera-
ture review.
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1.4.3 Figure of Merit Comparison

Figure 1.16: Dual differential ac-
celerometer with two sets of changing
sense capacitors.

A graphical representation of the figure of merit is shown in Fig. 1.17

with normalized fidelity on the x-axis and normalized power on the y-

axis. The better performing interface circuits are those that achieve a

higher relative fidelity compared to power consumption and are at the

lower right corner of the plot.

Figure 1.17: Literature review in graph-
ical form.

This plot shows that regardless of the type of interface circuits used,

when normalized for device sensitivity, current interface circuits follow

a defined tradeoff between power and fidelity for differential accelerom-

eters. References [25] and [29] are dual-differential accelerometers as

shown in Fig. 1.16 and the better performance can be attributed to the

better adaptability of these sensors to high precision circuitry. These

sensors are also expensive to manufacture and not easily adaptable to

dual direction (x, y) and three direction (x, y and z) sensing21. 21 For example, one may be able to
build the sensor as shown in Fig. 1.16
in the x-direction but resort to a sim-
ple single-ended structure in the y-
direction.
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As shown, the architecture proposed and prototyped in this work [24]

fundamentally shifts the tradeoff of the curve to the right achieving a

better fidelity at comparable power.





2

Review of Capacitive Accelerometer Readout Techniques

Capacitive accelerometers make use of variable capacitors to de-

tect accelerations. Since the capacitance is not fixed, then signals gen-

erated by these capacitors have two components, namely displacement

measurement and velocity measurement. Depending on the type of sen-

sor, the circuitry should ensure that one of these components dominates.

For capacitive accelerometers, displacement measurement must domi-

nate over velocity measurement. These concepts are explored in more

detail in Section 2.1.

Readout circuits can be organized into three broad areas.

These are current detection, voltage detection, and charge detection.

Each of these circuit techniques has many design choices and active areas

of research which are briefly reviewed in Sections 2.2-2.4. For each

readout type, the minimum detectable signal or the capacitive resolution

is developed based on the parasitic and sense capacitances. The analysis

indicates that for accelerometers with low sense capacitance1, current 1 as is expected of low cost surface mi-
cromachined accelerometers

and voltage based measurements bode well in low parasitic capacitance

environments and charge based circuits are superior when high parasitic

capacitances are present. Since the proposed solution is dual chip, which

we expect will have high parasitic capacitances, our proposed solution

in Chapter 3 will be charge based.

The format of the output signal generated through an inter-

face circuit has direct effect on the fidelity of the signal. Section 2.6
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looks at the possible outputs that interface circuits can achieve and the

limitations and benefits of each. It is shown that a ratiometric charge

balanced design achieves the best possible signal fidelity and this is the

ideal output to aim for in any circuit implementation.

2.1 The Subtleties of Capacitance Measurement

As discussed in the previous section, all capacitive sensors consist of a

variable capacitor or a set of differential variable capacitors which change

in response to a measurand. To measure the measurand, we require to

take this change in capacitance and convert it into a voltage or current

and do some more processing before we output a value. Often this

measurand is acceleration but can be any other environmental factor

that causes acceleration. We can intuitively understand the process by

taking the fundamental equation for a capacitor, mainly

∆Q = C∆V , (2.1)

where ∆Q is the charge placed on a capacitor C due to a potential

difference ∆V . We can convert this charge to an equivalent current by

noting that electrical current is the time derivative of charge. Therefore,

we have

ic(t) = δ [C(x)V ]

δt

= C(x)δV (t)
δt

+ V (t)δC(x)
δt

, (2.2)

where C(x) is now a variable capacitor depending on a displacement x.

As it can be seen, the current that a capacitor exhibits has two com-

ponents: a component based on the change in voltage and proportional

to the nominal capacitance value and a component dependent on the

changing capacitance and proportional to the supply voltage

We pause here and make a few observations about these two com-

ponents. The first term above is the component of current due to a

changing voltage and this term is encountered often in linear circuit

analysis. We call this term the displacement measurement. The dis-

placement measurement is proportional to the nominal capacitance and
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therefore, it is always advantageous from a mechanical point of view to

design devices with as large of a nominal capacitance as possible2. 2 larger capacitance means larger out-
put signal which would then be easier
to detect and measure.The second term in the equation above is called the velocity measure-

ment. It is the component of current due to a changing capacitance and

this term is rarely seen in linear circuit analysis because we generally

assume the capacitance to be constant and hence, the change in capac-

itance term will be zero. The velocity measurement is also proportional

to the bias voltage which the capacitance is under. This suggests that

we can make the bias voltage arbitrary large and get larger current and

better performance. There is, however, a fundamental limit to this volt-

age known as the pull-in effect [13] as well as the supply voltage of our

system.

The term velocity measurement may be peculiar to the reader but it

can be more clearly demonstrated if we expand the second term. If we

split the second term into two parts we will have

ic(t) = C(x)δV
δt

+ V
δC(x)
δx

δx

δt
. (2.3)

Now working out the capacitive derivative we get

δC(x)
δx

=
δ
(
Aεεo
d−x

)
δx

= − Aεεo

(d− x)2 , (2.4)

where A is the effective parallel plate area of the capacitor, d is the

nominal distance between the parallel plates, εo is the permittivity of

free space and ε is the relative permittivity of the medium. If we assume

d � x, then we can simplify the capacitive derivative to an almost

constant term

δC(x)
δx

≈ −Aεεo
d2 , (2.5)

and the current then simplifies to

ic(t) = C(x)δV
δt
− V Aεεo

d2
δx

δt
. (2.6)

Therefore, the second term is approximately proportional to the ve-
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locity of the moving mass. This type of measurement is useful for certain

type of sensors that work on measuring mechanical frequency - environ-

mental variables causing a specific desired frequency. The perennial

example for this is a mechanical microphone. Generally though, most

acceleration based sensors rely on displacement measurement. To see

this more clearly, we expand the term C(x) as follows:

C(x) = Cs
1− x

d

(2.7)

≈ Cs(1 + x

d
) (2.8)

≈ Cs + Cs
d
x . (2.9)

Therefore, a displacement measurement is proportional to accelera-

tion which is what we would like to measure. The key takeaway from the

above analysis is that depending on the sensor, one of the measurement

types (displacement or velocity) must dominate. If we assume that we

are interested in displacement measurement, then we need to maximize

the ratio

max
(
C(x) δVδt
V Aεεo

d2
δx
δt

)
(2.10)

=
δV
δt

V
d ·

δx
δt

. (2.11)

Generally, accelerometers are designed for low frequency applications

(see Appendix D). Therefore, by choosing a relatively large modulation

frequency, the displacement current dominates and errors from veloc-

ity measurement are minimized3. The conclusion of this section is that 3 To the extend of being lower than the
intended fidelity of the readout circuit

in capacitive accelerometer readout circuits, the displacement measure-

ment must be dominant. This often is not specifically mentioned in

literature but is well documented if correct analysis is performed.

In the following sections, we look at various displacement based mea-

surement circuit topologies and the minimum signal that each can detect.
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2.2 Current Sensing

2.2.1 Theory of Operation

In current sensing, each sense capacitor electrode is driven by an anti-

phase modulating signal with frequency fm and amplitude Vm. The

current induced by a change in capacitance due to acceleration is then

converted to a voltage. Fig. 2.1 shows a single-ended configuration of

this setup.

Figure 2.1: Simplified current based
interface circuit for differential ac-
celerometers.The feedback impedance, Zf , is generally a resistance and a capaci-

tance in parallel. Assuming an ideal op-amp, the output of this circuit

in the time domain is given by

Vout(t) = ∆CZf
δVm sin(2πfmt)

δt

= ∆CZfVm
δ sin(2πfmt)

δt

= 2πfm∆CZfVm cos(2πfmt) . (2.12)

where ∆C = C+
s −C−s . Therefore, the output is an amplitude modu-

lated signal as shown in Fig. 2.2. When combined with an ADC, the

system takes the form shown in Fig. 2.3.

The envelope represents the change in capacitance which is also chang-

ing in time forming an amplitude modulated (AM) signal. Note that it

is possible that the change in capacitance is constant (representing a
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Figure 2.2: Transient response of a
transimpedance interface circuit for a
differential accelerometer.

Figure 2.3: Simplified current based in-
terface circuit with an ADC stage for
digitization.constant acceleration). In such a case, the output is simply a sine wave

whose amplitude is proportional to acceleration.

The current sensing can further be divided into transresistance am-

plifiers (TRA’s) where the feedback resistance dominates over the ca-

pacitance or the transcapacitance or charge-sensitive amplifiers (CSA’s)

where the feedback capacitance dominates over the resistance. CSA’s

are more prevalent because integrated capacitors offer better linearity

compared to their resistor counterparts. With a CSA, the resistance

value must be maximized to lower noise [39]. The implementation of

a resistor then becomes a challenge because polysilicon based resistors
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consume a large area as well as having large parasitic capacitances as-

sociated with them. Typical solutions then involve using a MOSFET in

the cutoff region [40].

2.2.2 Minimum Detectable Signal - Current Based

Figure 2.4: Current based interface cir-
cuit used for noise analysis.

Determining the minimum detectable capacitance for transimpedance

amplifiers is involved and we will only work on a simplified circuit as

shown in Fig. 2.4. More details on this can be found in [41].
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Figure 2.5: Minimum detectable ca-
pacitance as a function of parasitic
and sense capacitance for the tran-
simpedance amplifier where GBW =
50 MHz and Vm = 1.0 V

As before, we have the sense capacitors driven by two anti-phase

signals. The output voltage is then given as

|Vout|= 2πfmVmZf∆C . (2.13)

However, the pole associated with Zf limits the bandwidth. Moreover,

the amplifier dominant pole creates an inductive effect resulting in a po-

tential resonance and larger bandwidth. The maximum output voltage

is obtained at the resonance which yields the optimal drive frequency

and minimum detectable capacitance as

fdrive optimal =

√
GBW

2πZm (2Cs +Cp)
, (2.14)

∆Cmin =
√
BW
Vm

√
2kBT (2Cs +Cp)

π ·GBW (2.15)

where kB is Boltzmann’s constant, BW is the bandwidth of the system

and GBW is the gain bandwidth product of the op-amp used. The

minimum detectable signal for the TRA is plotted in Fig. 2.5.

2.3 Voltage Sensing

2.3.1 Theory of Operation

In a displacement based voltage sensing configuration, both ends of the

fixed electrodes are driven with a high frequency AC signal and the

moving mass is connected to a unity gain buffer. An acceleration then
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Figure 2.6: Simplified voltage based
interface circuit for differential ac-
celerometers.

causes a differential current to flow to the buffer such that

i+c + i−c = 0 . (2.16)

Recall that for capacitive sensors, the current is given by two compo-

nents:

ic(t) = C(x)δV (t)
δt

+ V (t)δC(x)
δt

. (2.17)

For our purposes, we assume that the velocity portion4 is relatively 4 as contained in δC(x)
δt

according to
Eq. (2.3)

small. Therefore,

δ [C+
s (x) (Vm sin(ωt)− Vout)]

δt

+ δ [C−s (x) (−Vm sin(ωt)− Vout)]
δt

= 0 (2.18)

δ(Vout)
δt

(
C+
s (x) +C−s (x)

)
= Vm cos(ωt) · ω(C+

s (x)−C−s (x)) (2.19)∫
δ(Vout)
δt

=
∫ [

Vm cos(ωt) · ω
(
C+
s −C−s

C+
s +C−s

)]
(2.20)

Vout = C+
s −C−s

C+
s +C−s

Vm sin(ωt) , (2.21)

where Vm sin(ωt) is termed the modulating signal and as with the case
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Figure 2.7: Simplified voltage based in-
terface circuit with an ADC stage for
digitization.

of the current based readout, the output is an amplitude modulated

signal. Accordingly, the outline of the curve represents the input accel-

eration which can be obtained using a demodulation technique. Note

that the above formula is exact and no simplifications have been made

in its development. Therefore, for a differential accelerometer, the ideal

output is perfectly linear5 even though the capacitance change is not. 5 to a first order

The displacement x is also linearly proportional to acceleration as long

as the frequency of acceleration is well below the resonant frequency and

is given by

x(t) = m

k
a(t) = 1

ω2
n
a(t) . (2.22)

where a(t) is the acceleration, k is a spring constant associated with

the mass m of the accelerometer and ωn is the natural frequency of the

device.

The situation presented above has rather been idealized. Two very

important details have been left out: the biasing for the op-amp and

the parasitic capacitance at the input of the op-amp. A typical biasing

scheme with the associated parasitic capacitance is shown in Fig. 2.7.

Taking into account these two parameters, we can rederive the output
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equation as

Vout = s(C+
s −C−s )Rbias

1 + s(Cp +C+
s +C−s )Rbias

Vm . (2.23)

where Cp is the parasitic capacitance at the moving electrode of the

accelerometer and Rbias is a biasing resistor to set the DC voltage for

the operation of the amplifier. The output now represents a high pass

filter with corner frequency at fc = 1
(Cp+C+

s −C−
s )Rbias

and a zero at the

origin. The corner frequency therefore shifts lower with larger biasing

resistance. For maximum sensitivity, we would like to operate on the

flat region of the curve where the gain is maximum and given as

Vout = C+
s −C−s

Cp +C+
s +C−s

Vm . (2.24)

Figure 2.8: Bootstrapping technique
to reduce the effect of parasitic capaci-
tance

To be on the flat region of the curve, we must have s(Cp + C+
s +

C−s )Rbias � 1. This can be achieved by either having higher frequency

for the modulating signal Vm or higher biasing resistance, Rbias. There-

fore, there is a tradeoff between the size of the biasing resistor and the

frequency of the modulating signal. With a higher modulating signal,

a smaller resistor can be used but this leads to higher power consump-

tion. A smaller frequency can be use with higher biasing resistance but

this leads to implementation issues using on-chip poly-resistors [42]. To

overcome this problem, reverse connected diodes [43] or subthreshold

MOSFETs [44] [45] [46] can be used. Examples where poly-resistors are

used (at high modulation frequencies) can be seen in [47] and [48].

Figure 2.9: Feedforward gain technique
to reduce the effect of parasitic capaci-
tance

Assuming that a proper biasing resistor and modulating frequency are

chosen so that we are operating in the flat region of the output curve,

there is still a major issue with the parasitic capacitance that heavily

reduces the sensitivity. Two possible solutions are available. One tech-

nique is known as bootstrapping where the parasitic capacitance is fed

back to the output of the amplifier as shown in Fig. 2.8 [49] [50]. This

technique can only be used for single chip applications where the para-

sitic capacitance of the bulk is accessible to the electronic circuitry. The

other option requires the use of a high negative gain in the forward path

as shown in Fig. 2.9 [51]. Other topics in this area include challenges in

demodulation 6 [52] [25] [53] which we will not delve into but are active 6 Also applicable to current based cir-
cuits
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areas of research.

2.3.2 Minimum Detectable Signal - Voltage Based

For simplicity, we will use the basic configuration of the voltage amplifier

as shown in Fig. 2.10 to develop a model for the minimum detectable

capacitance of these circuits. The output of the buffered signal for this

simplified circuit is given by

Vout = Vm
∆C

2Cs +Cp
. (2.25)

Figure 2.10: Voltage based interface
circuit used for noise analysis.

The above output is achieved after a demodulation step; therefore,

to increase the minimum detectable capacitance, we need to increase

the AC signal beyond the 1/f noise frequency of the amplifier as well

as increase Vm. It is rather straightforward to define the minimum

detectable voltage based measurements as

∆Cmin =
[

2Cs +Cp
Vm

]
Vn,rms

√
BW , (2.26)

where Vn,rms is the input-referred thermal noise floor of the amplifier

given by

Vn,rms = 16kBT
3gm1

nf . (2.27)
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Figure 2.11: Minimum detectable ca-
pacitance as a function of parasitic and
sense capacitance for the voltage ampli-
fier where gm = 0.1 mA/V and Vm =
1.0 V.

Here, gm1 is the transconductance of the input pair and nf is a noise

factor meant to capture the noise due to other transistors and stages

of the op-amp. nf typically ranges from 1-5 depending on the op-amp

topology used. Based on the above, the minimum detectable capacitance

for the voltage amplifier is plotted in Fig. 2.11.

2.4 Charge Sensing

2.4.1 Theory of Operation

It can be argued that charge sensing is well adapted for interfacing with

capacitive sensors. The basic charge sensing structure can be defined as

a switched capacitor resetting integrator as shown in Fig. 2.12. Without

feedback, an integrator output grows indefinitely in theory and to the

rails in practice. To overcome this problem, the integrator is “reset”
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every N cycles. The resetting essentially biases the op-amp periodically

for proper operation. Without this periodic reset, DC current cannot

flow in the circuit and operating points of the transistors cannot be set

to the correct mode.

It is important to note that switched capacitor circuits such as the one

shown in Fig. 2.12 transform a continuous time signal to a discrete time

signal in which case the bandwidth is no longer unlimited but limited

by the Nyquist criterion fs/2 [54]. This is generally not an issue when

it comes to accelerometer applications where bandwidths range from a

few Hertz to a few hundreds of Hertz.

When the resetting is equal to half the sampling frequency, the in-

tegrator becomes a switched capacitor amplifier. The design approach

for these circuits is to then maximize the output voltage to ensure that

the ADC following the conversion is relatively low power. The feedback

capacitor, Cf , would then be implemented with a programmable capac-

itor array that based on the input level adjusts the output to get the

Figure 2.12: A resetting integrator
with sense capacitors used as sampling
capacitors. Notice that this interface
circuit is not parasitic capacitance in-
sensitive.
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same peak to peak voltage. With SC circuits, the main challenge lies

in removing low frequency noise using either chopper stabilization or

correlated double sampling [55]. These techniques become difficult to

implement with the physical structure of the accelerometer that limits

accessibility to nodes of the sense capacitors.

2.4.2 Minimum Detectable Signal - Charge Based

By re-arranging the equation for the output of a charge amplifier, the

change in capacitance is given by

∆C = Vout
Vm

Cf , (2.28)

where Cf is the feedback capacitor shown in Fig. 2.12. To find the min-

imum detectable capacitance, the output voltage must be replaced by

the output noise voltage of the circuit. The total noise of a switched

capacitor amplifier can be written as the sum of the noise due to switch

resistances and noise due to the amplifier. For the switch noise, the ro-

bust noise analysis is complex and would need to include the bandwidth

limitations of the op-amp. A good approximation, however, is to assume

that the switch noise in both φ1 and φ2 phases add equally [56] [57]. In

this case we have

V 2
no, switches = 2×

(
kBT

2Cs
C2
f

+ kBT
Cp

C2
f

+ kBT

Cf

)
, (2.29)

where the factor two indicates the two phases and the three components

are due to the input and feedback switches. The input-referred op-amp

noise is given by [54]

V 2
ni,op−amp = 16kBT

3gm
nf

(
1
4τ

)
, (2.30)

where 1/τ is the effective bandwidth of the op-amp given by βgm
Co

. For

a Miller compensated op-amp, Co is equivalent to the compensation

capacitor Cc. For a single stage op-amp, it is the load capacitance given

by

Co =
(2Cs +Cp)Cf
2Cs +Cf +Cp

, (2.31)
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and β is the feedback coefficient given by

β =
Cf

2Cs +Cp +Cf
. (2.32)

Assuming a load capacitance given by Eq. (2.31)7, the noise due to 7 Regardless of the op-amp architec-
ture, the Miller compensation capaci-
tor and the effective load capacitance
will be in the same range [58]. Using
Eq. (2.31) leads to a better closed form
equation for total noise of the op-amp.

amplifier simplifies to

V 2
ni,op−amp =

(
4
3

)
kBT

2Cs +Cp
nf , (2.33)

and the minimum detectable capacitance is given by

∆Cmin =

√
1
fs

[
4
3
kBTG2

2Cs +Cp
nf + 2kBT

Cf

(
1 + 2Cs

Cf
+ Cp
Cf

)]
(2.34)

whereG =
(
1 + (2Cs +Cp)/Cf

)
is the gain from the input to the output.

Although the above equation is accurate, there are many techniques that

can significantly reduce several of the noise components. The noise due

to the feedback capacitor, for example, can be sampled and deducted

from the output with correlated double sampling [59]. As such assuming

that the switch noise is lowered significantly below the amplifier noise,

then the minimum detectable signal can be simplified to 2
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Figure 2.13: Minimum Detectable ca-
pacitance as function of parasitic and
sense capacitance for a switched capac-
itor amplifier.

∆Cmin,CDS =

√
1
fs

[
4
3
kBTG2

2Cs +Cp
nf + 2kBT

Cf

(
2Cs
Cf

+ Cp
Cf

)]
. (2.35)

Using Eq. (2.35), the minimum detectable capacitance with respect to

parasitic and sense capacitance is plotted in Fig. 2.13.

2.5 Analysis of Interface Circuit Topologies

Fig. 2.14 plots the minimum detectable capacitance for the three types

of interface circuits for a low sensitivity accelerometer where Cs = 500

fF. There is an inflection point around 1.2 pF which is very close to the

bondwire parasitic capacitances that is present in dual chip interface

circuits. The voltage amplifier provides the best performance for low

parasitic capacitance applications which would be expected from sin-

gle packaged interface circuits. On the other hand, for large parasitic

capacitance applications, such as two chip implementations, switched
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Figure 2.14: Comparison of the min-
imum detectable capacitance for the
three interface topologies as a func-
tion of parasitic capacitance. Notice
that for large parasitic capacitance, the
switched capacitor topology achieves
the best results. The crossing point for
the three topologies will highly depend
on the design choices, but the general
form of these crossings will always be
consistent.

capacitor circuits achieve the best performance.

Therefore, although this analysis has been greatly simplified8, a gen- 8 The topic of this section by itself can
serve as a self containing project

eral conclusion can be made that switched capacitors circuits are an

attractive solution where large parasitic capacitances are expected.
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2.6 Displacement Based Measurement Output Types

This section looks at the various types of displacement based measure-

ments. Recall that in displacement based measurements, the rate of

change of the voltage placed on the sense capacitors should be large

enough to dominate over the frequency of acceleration.

2.6.1 Single Capacitor Output

Figure 2.15: A TIA based interface cir-
cuit for single capacitor accelerometers.

Certain types of accelerometers rely on a single variable capacitor for

force detection. A current based interface circuit for this type of ac-

celerometer is shown in Fig. 2.15. In this case, using a displacement

measurement, the output is given by

Vout = KC±s

= K
Cs

1∓ x
d

= KCs

(
1∓ x

d
∓ x2

d2 ∓
x3

d3 ∓ . . .
)

≈ K
[
Cs

(
1∓ x

d

)]
≈ K

[
Cs ∓Cs

x

d

]
, (2.36)

where K is an interface circuit dependent gain factor and equal to

2πfmZfVm for the TIA shown in Fig. 2.15. A simulation of the output

of the circuit is shown in Fig. 2.16. Key observations from the equation

above and the simulation are:

• the desired signal is x, therefore, there is an offset proportional to Cs

• The offset is a problem. Since the signal is contained in Cs xd , it needs

to be amplified. With a large offset, this amplification will result in

the saturation of the output and therefore, the offset must be removed

beforehand.

• In general, it is easier and less complex to design a readout that gets

rid of the offset right away rather than to try to remove it later.

• Although we simplified the output using a Taylor series, 2nd, 3rd, 4th

etc harmonics exist and can potentially reduce the output linearity.
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Figure 2.16: Output spectrum of a TIA
interface circuit for a single capacitor
accelerometer. Notice the large DC
content at low frequencies.

• In single capacitor based accelerometers, the second order harmonic

dominates9. 9 Manufacturers will often not specify
whether they use single-ended struc-
tures but presence of even order har-
monics in the output spectrum is a
good indicator.
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2.6.2 Single Capacitor Output with Reference

Figure 2.17: A TIA based interface cir-
cuit for single capacitor accelerometers
using a reference capacitor for offset
cancellation.

This technique tries to remedy some of the previous issues with the offset

by including a reference capacitor CR with the sense capacitor C+
s . The

same circuit can now be used by driving both capacitors with anti-phase

modulating signals as shown in Fig. 2.17. The output of this circuit is

now given by

Vout = K
(
C±s −CR

)
(2.37)

= K
[
(Cs −CR)∓Cs

x

d

]
. (2.38)

A simulation of the circuit is shown in Fig. 2.18. From the above

Figure 2.18: Output spectrum of a TIA
interface circuit for a single capacitor
accelerometer with a reference capaci-
tor. Notice that the low frequency con-
tent (offset) is now removed.

equation and simulation results we can see that:

• The offset is greatly reduced if CR is chosen to be approximately equal

to Cs

• Harmonics still exist
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2.6.3 Differential Capacitance Output

Figure 2.19: A TIA based interface cir-
cuit for differential accelerometers.

With single sense capacitor accelerometers, options are limited regarding

the harmonics generated. However, single-ended accelerometers are also

easier to manufacture and hence popular for low cost applications. The

next step is the use of differential accelerometers. In this situation, there

is a set of sense capacitors that change differentially and the difference in

sense capacitors is proportional to displacement. A current based TIA

interface circuit for differential accelerometers is shown in Fig. 2.19.

Accordingly, the output of this circuit is given by

Vout = K
[
C+
s −C−s

]
= K

[
Cs

1− x
d

− Cs
1 + x

d

]
= K

[
Cs
(
1 + x

d

)
−Cs

(
1− x

d

)
1−

(
x
d

)2
]

= K

[
2Cs xd

1−
(
x
d

)2
]

= K

[
2Cs

(
x

d
+
(x
d

)3
+
(x
d

)5
+
(x
d

)7
+ . . .

)]
≈ 2KCs

x

d
. (2.39)

Figure 2.20: Output spectrum of a
TIA interface circuit for a differential
accelerometer.
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A simulation of the circuit’s output is shown in Fig. 2.20. The key

observations from the above equations and the simulation are that:

• There is no offset in this implementation

• Even order harmonics are eliminated

• Odd order harmonics exist but are smaller compared to the single

capacitor case because the power of the denominator is squared

• The gain of the circuit is effectively doubled compared to the single

capacitor case

2.6.4 Ratiometric Output

Figure 2.21: A voltage based inter-
face circuit for differential accelerome-
ters used to achieve a ratiometric out-
put.

Ratiometric output is an output type where the output signal is propor-

tional to the ratio of the difference in the differential sense capacitances

over the sum of sense capacitances. A voltage based circuit that achieves

ratiometric output is shown in Fig. 2.21. Accordingly, the output is given

by

Vout = K
C+
s −C−s

C+
s +C−s

(2.40)

= K

2Cs xd
1−(xd )2

2Cs
1−(xd )2

= K
x

d
. (2.41)

Here K is equal to Vm for the circuit implementation shown. A simula-

tion of the circuit is shown in Fig. 2.22. Eq. (2.41) is an exact formula10; 10 no approximation have been made in
its derivation

therefore, based on this as well as the simulation results we can see that:

• There is no offset in the output

• No harmonics exist, even or odd (to a first order approximation)

The story may end here; however, the problem with the above analy-

sis is that it assumes that the plate movement is not affected by volt-

ages/currents placed on the capacitor plates. The results shown in

Eq. (2.40) and the simulation shown in Fig. 2.22 do not take into ac-

count the electrostatic force that is caused by the bias and modulating
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Figure 2.22: Output spectrum of the
ratiometric voltage based interface cir-
cuit for a differential accelerometer.

voltages and currents. The electrostatic force causes unwanted move-

ments that cause nonlinearities negating the benefits of the ratiometric

output as shown in the next section.

2.6.5 Ratiometric Output without Charge Balance

Charge balance is a technique whereby feedback is used to make the

voltage and hence the charge on a sense capacitor on average zero. A

circuit that achieves ratiometric output without charge balance does not

provide better linearity as the electrostatic forces create harmonics mit-

igating any benefits. To prove this, the sense capacitance values C+
s and

C−s must take into account the force being exerted by the electrostatic

charge placed on the plates as well as the external force that the de-

vice is designed to measure. This would in turn require an equation for

displacement that takes into account the electrostatic force given by

F±e = Aεrεo
2(d± x̂)2 , (2.42)

where A is the equivalent area of the capacitor plates, εo is the permit-

tivity of free space and x̂ is the displacement due to the external and

electrostatic force. The problem with this approach is that the displace-



68 a variable gain direct digital readout system for capacitive inertial sensors

ment x̂ no longer has a closed form solution and graphical techniques

must be used [60] [61]. These graphical techniques cannot provide ana-

lytical formulas for the harmonics that are generated. An approximate

method to obtain closed form solution for the harmonics is to assume

that the force is only a function of displacement x11. As such, the elec- 11 due to the external force only

trostatic force formulas become

F+
s = Aεrε0V 2

2(d− x)2 and F−s = Aεrε0V 2

2(d+ x)2 , (2.43)

where F+
s and F−s are the electrostatic forces being exerted on capac-

itors C+
s and C−s respectively. These forces in turn create parasitic

displacements given by

α+ = F+
s

m

1
ω2
n

and α− = F−s
m

1
ω2
n
, (2.44)

where α+ and α− are the electrostatic force displacements on capacitor

plates C+
s and C−s respectively. It should be noted that the electrostatic

force on either sense capacitor is always positive and as such acts to

reduce the gap distance. Therefore, the sense capacitance values are

now given by

C+
s = Cs

1− x+α+
d

and C−s = Cs

1 + x−α−
d

. (2.45)

Substituting Eq. (2.45) into Eq. (2.40) we have

Vout = K

(
x
d + α+−α−

2d

)
(

1− α++α−
2d

) . (2.46)

Using a Taylor series approximation of Eq. (2.46) around x
d = 0, we

can show that the output is now given by

Vout ≈ K
[
d3 − 2Fo
d (d3 − Fo)

x

−
(
d3Fo + 2F 2

o

)
d3 (d3 − Fo)2 x

3

+
(
−d6Fo − 6d3F 2

o − 2F 3
o

)
d5 (d3 − Fo)3 x5

]
,

(2.47)
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where Fo is a factor given by

Fo = Aεrεo
mω2

n
. (2.48)

To put this formula in perspective, for an 8 g input acceleration, and

average voltage of 1 V2, the ratio of the fundamental tone to the third

harmonic is 56 dB for a typical surface micromachined differential ac-

celerometer. A simulation of the circuit in Fig. 2.21 taking into account

the electrostatic forces12 is shown in Fig. 2.23. From the graph and 12 For details of modeling setup, see
Section D.4

Eq. (2.47) we can observe that:

• There is an offset in the output

• Even and odd order harmonics exist

Figure 2.23: Output spectrum of a ra-
tiometric voltage based interface circuit
for a differential accelerometer with
electrostatic forces modeled.
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2.6.6 Ratiometric Output with Charge Balance

It can be proven through simulations and analysis that a charge bal-

anced output reduces displacement and hence harmonics observed at

the output. As before, when taking into account electrostatic forces, the

displacement x no longer has a closed form solution but an approxima-

tion can be made to get a sense of the level of the harmonics. With

charge balance, the electrostatic force on each sense capacitor will, on

average, be equal. For this to occur, we must have

F+
s = F−s ,

Aεrε0V 2
+

2(d− x)2 =
Aεrε0V 2

−
2(d+ x)2 . (2.49)

Here V− and V+ are the average dynamically adjusted voltages. For the

above equation to hold, we need

V+ ∝ (d− x) and V− ∝ (d+ x) . (2.50)

Therefore, on average, the force due to the electrostatics is not a function

of the displacement x. The output as given by Eq. (2.46) now simplifies

to

Vout = K

(
x
d + α+−α−

2d

)
(

1− α++α−
2d

)
= K

(
x
d2d
)(

1− α++α−
2d

)
= K

x

d
(1 + constant) . (2.51)

Therefore, there is a gain error associated with the ratiometric charge

balanced output but the harmonics are significantly reduced [61]. There

is still a problem associated with charge balanced ratiometric circuits

that will be explored in the next chapter and a solution proposed. As

we established in the previous section, charge based interface circuits

will also provide the best resolution in our intended application. This

will be the starting point in Chapter 3 where the problem and proposed

solution is analyzed.



3

A Variable Gain Direct Digital Ratiometric Charge Bal-

anced System

In Chapter 2, we argued that given that for practical purposes, our

system will be dual chip, then from a fidelity perspective, switched ca-

pacitor designs are the best option as they offer the highest resolution

with large parasitic capacitances as would be expected in dual chip im-

plementations. This chapter then serves to develop capacitive readout

circuits based on displacement measurements and use of charge based

switched capacitor principles.

Readout circuits for capacitive accelerometers are in reality

capacitive ratio circuits and a large body of electronics has already been

developed in this area. Therefore, Section 3.1 develops the idea based

on existing capacitive ratio circuits and specifically delta sigma based

ratio circuits. This section also explores the problem that the proposed

circuit aims to rectify. Delta sigma ADC’s are feedback systems that

require an appropriately sized feedback signal level compared to the

input signal level. This task is complicated for capacitive accelerometers

as the signal coming into the ADC is proportional to the difference in

sense capacitance whereas the feedback must be proportional to the sum

or individual sense capacitances. A single-ended topology is proposed

to rectify this problem.

Precision analog signal processing requires the use of differen-
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tial circuits and offset and noise cancellation techniques. After develop-

ing a single-ended version of the circuit, Section 3.5 then adds com-

plexities for precision analog design including adaptation to differential

circuitry and noise cancellation. These techniques are well developed

for individual blocks, but the physical structure of the accelerometer

limits circuit topologies that can be implemented. A novel technique

is introduced to create a pseudo differential output while at the same

time canceling offset and low frequency noise which is essential for low

bandwidth applications.

3.1 Ratio Measurement Circuits

To restate out problem, acceleration causes a change in capacitance and

we need to measure this change. Ideally, we would like to measure this

acceleration with a differential accelerometer and achieve a ratiometric

charge balanced output such that

Vout = K
C+
s −C−s

C+
s +C−s

, (3.1)

where K is a gain factor. Therefore, readout circuits for capacitive

sensors1 are capacitive ratio measurement circuits. Fortunately, many 1 In any form not necessarily just ratio-
metric outputs

capacitive ratio circuits exist and have been reported in literature [62]

[63]. These circuits are often used in characterizing the precision of

capacitor ratios in CMOS processes which set limitations on the precision

of switched capacitor amplifiers, integrators, and data converters. Since

capacitive sensor readout circuits are based on relative ratio of change

in capacitance to a reference capacitance, it is possible to modify ratio-

measurement circuits for this purpose. Our approach is then to use these

circuits and modify them for capacitive accelerometers. We will forgo

many of the traditional ratio circuits and focus on a delta sigma based

version of the circuit which the final solution will be based upon.

3.2 Delta Sigma Based Ratio Circuits

A variety of capacitive ratio circuits rely on delta sigma modulators and

this approach is attractive for interface circuits. To begin with, the

low frequency application of accelerometers bodes well for delta sigma
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modulators that rely on oversampling. Furthermore, as we discussed in

Section 1.1, for most applications, we ultimately would like to achieve

digitization of our analog acceleration signal. A delta sigma modula-

tor has the potential to extract and digitize the acceleration signal2, a 2 with the addition of a decimation fil-
ter

simplification that can lead to lower cost and lower power consumption.

To demonstrate how a delta sigma modulator can be used as a ratio

circuit, we can analyze a first order system as shown in Fig. 3.1. This

circuit samples the input u in φ1 and integrates the charge onto the

capacitor Cf in φ2. The output of the integrator then changes depending

on the input value in each clock cycle. The quantizer then compares

this signal to a threshold value and outputs a discrete time signal v.

The signal v is then combined with the clock φ2 to sample one of the

reference voltages onto C2 and subsequently discharge this value onto

the feedback capacitor, Cf . Accordingly, the output of the integrator is

either reduced (if the output of quantizer is higher than the threshold)

or increased (if the output of the quantizer is lower than the threshold)3. 3 In other words, there is negative feed-
back around the loop but in discrete
time and in fixed valuesSo for example, if the value of v is high, +Vref is sampled onto C2 and

the output is reduced by −VrefC2/Cf .

Here, if we choose C1 and C2 to be equal to Cf , then the noise

transfer function of the modulator is given by NTF (z) = 1− z−1 (a

high pass filter), and the signal transfer function STF (z) = z−1 (a

delay). Therefore, this is a first order delta sigma modulator, the signal

u(t) is passed through and the noise introduced by the quantizer is high

pass filtered. Therefore, at the output we have a discrete time signal

that can easily be digitized. We are interested in creating a ratio of the

capacitors C1 and C2 rather than filtering the input u(t) as a normal

delta sigma modulator would do. We may surmise to change the input

u(t) to one of the reference voltages. If we do this, then for a set number

of clock cycles, N , the total charge contributed by C1 is NVref C1

and assuming there are n high cycles, the charge contributed by C2 is

−(N − n)VrefC2 + nC2Vref .

The discrete pulse density feedback ensures that over a long period of

time, the total charge injected into the integrator must be zero 4. Ac- 4 Otherwise the circuit would be unsta-
ble
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Figure 3.1: Switched capacitor imple-
mentation of a first order delta sigma
modulator.cordingly, we can write

NVrefC1 = −(N − n)VrefC2 + nC2Vref

C1 +
(

1− 2 n
N

)
C2 = 0 . (3.2)

Therefore, the ratio of the capacitances can be given as

C1
C2

= 2Bave − 1 , (3.3)

where Bave is the DC value of the output pulse stream. Therefore, a

delta sigma modulator can be used to find the capacitive ratio of say a

single-ended capacitive sensor such as a pressure sensor.

For a differential sensor, we need an output proportional to the dif-

ference of the output, C1 − C25. More importantly though, we would 5 In other words, C+
s − C−

s which
would be proportional to input force as
discussed in Section 2.6prefer to have a ratiometric output of (C1 − C2)/(C1 + C2) to achieve

better linearity 6. Therefore, we need to modify the above circuit to 6 along with achieving charge balance
as discussed in Section 2.6 but this is
a given when using an integrator and
the feedback nature of a delta sigma
modulator

achieve at a minimum an output that is a the difference in capacitance

(C1 −C2), and ideally ratiometric.

3.2.1 Achieving Summation of Two Capacitors

Since the DAC capacitor C2 appears in the denominator, and we wish to

achieve a summation, we can simply split this capacitor into two parts

called C+
s and C−s representing the sense capacitors under acceleration.

Similarly, since the capacitor C1 appears in the numerator and we aim
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Figure 3.2: A delta sigma modulator
used to obtain a ratiometric output.

to achieve subtraction, we can use opposite polarity voltages7. We end 7 We will exploit another technique
later on to achieve subtraction

up with the circuit of Fig. 3.2.

It is trivial to show that this circuit achieves a ratiometric output. We

can simply replace C1 in Eq. (3.2) with C+
s +C−s and C2 with C+

s −C−s .

The problem with the above implementation as it relates to capacitive

accelerometers is that we do not have two separate sets of capacitors 8. 8 At least when using commercial dif-
ferential accelerometers. Certain spe-
cial accelerometers exist that have four
sets of sense capacitors but these are
not common

Therefore, for the architecture of Fig. 3.2 to work, we need to simulta-

neously have access to capacitors C+
s and C−s . This can be achieved in

a time multiplexed way as will be shown in the next section.

3.2.2 Time Multiplexed DSM Systems for Ratio Measurement

The solution to the above problem is to time multiplex the input and

feedback signals. Since the output of a charge balanced system is time

averaged, as long as the rate of change is well above the bandwidth of

the signal (in this case the acceleration), then the output of the system

between two time constants does not change and can be assumed to be

constant. Going through several iterations of this process, we can arrive

at the circuit of Fig. 3.3 [64] [65].

The circuit operates in two phases. Depending on the output v, dur-

ing each phase one capacitor is biased to a voltage Vref in such a way

that either a positive or negative charge is passed on to the integrator9. 9 This is accomplished by simply using
a delaying and non-delaying integrator
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Figure 3.3: A delta sigma modula-
tor that achieves ratiometric output
through time multiplexing of the sense
capacitors.

The comparator then compares this value and outputs a new v value

aimed to reduce the output of the integrator. If the operation is consid-

ered for a long time, the average current to the integrator must be zero.

Therefore,

n
C−s
Cf

Vref = (N − n)Vref
C+
s

Cf
. (3.4)

Re-arranging the above equation,

nC−s = (N − n)C+
s

n(C+
s +C−s ) = NC+

s

C+
s

C+
s +C−s

= n

N
= Bave

C+
s −C−s

C+
s +C−s

= 2Bave − 1

Bave = 1
2
C+
s −C−s

C+
s +C−s

+ 1
2 . (3.5)

Therefore, at first glance this circuit achieves our purpose. We may

at this point then focus on precision analog techniques including how

to make the system differential, and reduce low frequency noise. How-

ever, this circuit has a fundamental problem as it relates to capacitive

accelerometers.



a variable gain direct digital ratiometric charge balanced system 77

3.3 Second Order Delta Sigma and Gain Coefficients

To demonstrate the problem with delta sigma based interface circuits,

we need to review the design of basic delta sigma modulators. We will

jump directly to a second order system as shown in Fig. 3.4.
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Figure 3.4: Block diagram of a sec-
ond order delta sigma modulator with
quantizer replaced by a summer and
signal E(z) that mimics operation of
the quantizer.

The key to the analysis of a delta sigma modulator is to replace the

quantizer with a linear summer and additive quantization noise E(z) and

assume a gain K for the quantizer. Doing this creates an LTI system

and performing a linear analysis using the system of Fig. 3.4 results in

the following equation:[
c1 (b1U(z)− a1V (z)) z−1

1− z−1 − a2V (z)
]
c2

z−1

1− z−1K +E(z) = V (z) .

(3.6)

Re-arranging, we get the following NTF and STF transfer functions:

STF (z) = Kb1c1c2
z2 + (Ka2c2 − 2) z + (1−Ka2c2 +Ka1c1c2) , (3.7)

NTF (z) = (z − 1)2

z2 + (Ka2c2 − 2)z + (1−Ka2c2 +Ka1c1c2) . (3.8)

The design of delta sigma modulators at this stage boils down to finding

coefficient values such that the noise transfer function and the signal

transfer function have desirable frequency response. It can be shown that

for the structure above, the effective gain around the loop must be very

close to one [66]. This in turn means that the value of K ≈ 1
a1c1c2

[67].
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Substituting this value in the above equation and solving for V (z) in

terms of U(z) and E(z) will give us the noise and signal transfer functions

for the above system. If we then choose a2 = 2a1c1, then the NTF and

STF have the desirable form given by

STF = b1
a1
z−2 , (3.9)

NTF =
(
1− z−1)2 . (3.10)

The system above demonstrates the issue that delta sigma modulators

face when incorporated within an accelerometer. The signal transfer

function above depends on the coefficients a1 and b1. For the system

presented in Fig. 3.2 above, what are these coefficients proportional to?

Noting that the coefficients always represent the gains being fed into the

integrators, in our system feed forward gain or b1 is proportional to

b1 ∝ (C+
s −C−s ) . (3.11)

Similarly, the feedback signal is proportional to:

a1 ∝ C±s . (3.12)

This is problematic because the difference in change in capacitance is

often a fraction of actual capacitance. For example, for the accelerometer

that was tested, the nominal change in capacitance was 5 fF/g whereas

the actual capacitance is nominally at 350 fF10. This represents almost 10 Certain ratiometric charge balanced
outputs have a1 ∝ C+

s +C−
s which fur-

ther aggravates the problema two order of magnitude difference in feedback and feedforward signals.

The consequence is that the power spectral density of the output would

result in a signal that is below the full scale by:

Signal Power = 20 log
(
C+
s −C−s

C+
s +C−s

)
(3.13)

< −36 dBFs .

This equation assumes an input acceleration of 1 g but in general

very few applications require such high g forces11. Furthermore, it is a 11 To have an intuitive feeling for g
forces, fighter pilots are required to
withstand acceleration forces of up to
8 g in combat maneuvering; therefore,
for normal day to day activities where
accelerometers may be of use, accelera-
tion ranges are typically much smaller
than this.

function of mechanical accelerometer systems to suffer linearity issues
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at higher deflections [68]. Therefore, from a linearity perspective, we

might be tempted to only use a small fraction of the mechanical limit of

the accelerometer.

All these reasons highlight the fact that in accelerometer applications

using feedback, systems achieving ratiometric output and charge balance

are fundamentally limited by the mechanical specifications of the sensor.

This issue rarely comes into play in designing signal processing delta

sigma modulators for example in audio applications. Sampling and DAC

capacitors are chosen appropriately to maximize output signal fidelity

and achieve proper noise and signal transfer functions.

Finally, it is important to note that the issue highlighted above is not

specific to delta sigma modulators. DSM’s are special cases of feedback

systems. Even traditional continuous time feedback systems face this

issue as highlighted in the next section.

3.3.1 Other Charge Balanced Ratiometric Systems

One often forgets that delta sigma modulators are simply special cases

of feedback systems. Therefore, the problem exposed in the previous

section is not unique to delta sigma systems. A popular circuit that uses

a continuous time feedback to achieve charge balanced and ratiometric

output was first proposed in 1990 [69]. A simplified version of the circuit

is shown in Fig. 3.5.

An analysis of this circuit shows that the output is given by

Vo(z) = Vref
C+
s −C−s
Cf
C4
C3

z

z − (1− C+
s +C−

s
Cf

C4
C3

)
, (3.14)

where Vref is a DC reference voltage. Note that at DC (z = 1), the

output is perfectly ratiometric.

This system is different from the delta sigma based system above be-

cause the feedback is continuous. Nevertheless, this system can poten-

tially suffer from a low output signal because the signal is the difference

in sense capacitances whereas the feedback is the sum of those sense

capacitances. To demonstrate this, a simulation of the system using a

commercial surface micromachined accelerometer is shown in Fig. 3.6.

For these types of accelerometers, typical values for the sensitivity and
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Figure 3.5: A continuous time feedback
system achieving charge balanced and
ratiometric output (Leuthold integra-
tor).

sense capacitance are 2.5 fF/g and 500 fF respectively [70].
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Figure 3.6: Simulated output spectrum
of the Leuthold integrator (Fig. 3.5).
Notice that despite using a very high
acceleration range (±16 g), the output
signal is well below full scale

The simulation shows that despite being ratiometric and charge bal-

anced, the system only achieves 56 dB SNDR. The problem is the small

power level in the fundamental tone which is −25 dB full scale (dBFS).

Intuitively, this small power level can be explained by the fact that

the signal is proportional to the difference in sense capacitors while the

feedback is proportional to sum of the sense capacitors. Therefore, de-

pending on the sensitivity and size of the sense capacitors, the feedback
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may be too large and reduce the output signal level.

Notice that this system is more robust than the DSM shown in

Fig. 3.3 because the output signal can be increased with the reference

voltage Vref . The extend to which the reference voltage can be increased,

however, is limited both from the perspective of the available on-chip

supply and more importantly, pull-in phenomena associated with the

mechanical capacitors [13]. A gain stage, at the front of the integrator

does not improve the SNDR as this will amplify the signal as well as

the noise.12 Fig. 3.7 and Fig. 3.8 summarize the problem of charge bal- 12 Another way to understand this is to
note that the output signal is propor-
tional to the feedback signal regardless
of the gain of the feedforward path.
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3.4 Variable Gain Delta Sigma Modulator Design

3.4.1 Dual Phase Input and Feedback

The previous sections highlighted the problem with interfacing accelerom-

eter in delta sigma modulators. To achieve a ratiometric output, in-

evitably the feedback over compensates the input signal. There are

many options that can be pursued at this stage but recognizing that the

difference in feedback and feedforward gains can be substantial, we need

to maximize the flexibility of the system.

The most robust approach would be to decouple the feedback mech-

anism from the input such that its value can be adjusted independently.

This is essential as it allows us to change the feedback and feedforward

gain factors independently and have more freedom in choosing an op-

timal NTF and STF. It is not simply enough to increase feedback and

feedforward gain factors as these factors also play a role in the NTF.

To separate the feedback, we sample the signal in four phases. In

one set of phases, a signal proportional to the difference in sense capac-

itors is sampled and amplified as is the case with many charge balance

ratiometric systems. This value is held while we resolve our feedback

value.

In the next set of phases, the feedback value is decided. Depending

on whether the previous output of the delta sigma was high or low, one

of the sense capacitors is sampled and a value proportional to the sense

capacitor is outputted through a charge-to-voltage converter.

The sampled value from the previous phase and the new feedback

value are then inputed to an integrator. This adjusts the output of

the quantizer accordingly and the system adjusts in a negative feedback

manner lowering or increasing the input to the quantizer based on the

previous value.

Conceptually this system is not very different from the system pre-

sented in Fig. 3.2. The difference is that by separating the feedback, a

large flexibility is ensured in getting the correct coefficient values that

will optimize the signal fidelity of the system regardless of the sensitivity

of the sensor device or its static capacitance values13. 13 Of course, op-amps must be designed
to settle within the required bandwidth
depending on the static capacitance.
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3.4.2 Implementation and Analysis

A block diagram of the first order system is shown in Fig. 3.9 and the

corresponding circuit implementation of the system is shown in Fig. 3.10

[71]. The system can also be extended to higher order delta sigma loops,

but the process is not trivial and requires analysis on the structure of

the second order system. This is discussed after the analysis of the first

order system.

Figure 3.9: System level block diagram
of the proposed system.

Figure 3.10: Single-ended first order
delta sigma modulator with separate
feedback and feedforward signal paths.
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As with any delta sigma modulator, the operation of the circuit at

low frequencies can be analyzed from a charge balance equation. Over

a period of N cycles, the feedback will be high for n cycles and low

for N − n cycles. The negative feedback of the loop ensures the total

charge at the input of the integrator to be zero; therefore, the following

equations can be applied:

−nVref2C
−
s
C2
Cf2

+ (N − n)Vref2C
+
s
C2
Cf2

+

NVref1(C+
s −C−s ) C1

Cf1
= 0

NVref1(C+
s −C−s ) C1

Cf1
= Vref2

C2
Cf2

(nC−s + nC+
s −NC+

s )

NVref1
C+
s −C−s

C+
s +C−s

C1
Cf1

= Vref2
C2
Cf2

(
n−N C+

s

C+
s +C−s

)
C+
s −C−s

C+
s +C−s

=
Vref2

Vref1

C2
C1

Cf1

Cf2

(
n

N
− C+

s

C+
s +C−s

)

Bave = C+
s

C+
s +C−s

+
Vref1

Vref2

C1
C2

Cf2

Cf1

C+
s −C−s

C+
s +C−s

Bave = 1
2 +

(
Vref1

Vref2

C1
C2

Cf2

Cf1
+ 1

2

)
C+
s −C−s

C+
s +C−s

. (3.15)

where Bave = n
N and is the average value of the bit stream.

The difference here compared to other charge balanced ratiometric

techniques is that the signal transfer function can now be adjusted widely

by three ratios allowing the input tone power to be maximized for a

variety of dynamic ranges and sensitivities. This would involve adjusting

the noise and signal transfer functions to ensure an appropriate gain as

well as ensuring the noise shaping property of the modulator.

3.4.3 Limitation of Analysis

It is important at this point to make a comment regarding the circuit

presented and its analysis in the traditional sense. The analysis of the

above system has been performed for a DC input and is valid for low

frequency inputs. One may be tempted to perform a full frequency

analysis of the above system. This is in fact intractable for the proposed

system. In continuous time, the notion of time invariant is very well
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known. The equivalent notion in sampled time which includes switched

capacitor circuits is shift invariant. Shift invariant means that regardless

of the time at which an input is fed into the system, the output is the

same but shifted in time.

In the system proposed, this concept quickly runs into a problem.

Since the input signal is held while the feedback is resolved, then this

negates shift invariance. If a signal comes in at a time while the feedback

is being resolved, this signal must wait until the next cycle. This is a

contradiction of shift invariance.

Overall, the lack of shift invariance does not pose a large problem.

The delta sigma modulator itself is a nonlinear system whose analysis is

often ad-hoc and confirmed through extensive simulations. Simulations

in later sections show that the separation of the DAC feedback makes

the proposed circuit more sensitive to stability. This is intuitive, since

with a delayed feedback, more time is required to update the outputs of

the integrators. The end result of this is that the architecture requires

the use of non-delaying integrators which in turn increase the power

requirements of the op-amps employed.

3.4.4 Implementation of Higher Order Systems

Looking at the performance of the proposed system from the perspective

of a delta sigma modulator only 14, with an OSR of 512, the maximum 14 In other words not including the
mechanical thermal noise of the ac-
celerometerpossible SNDR for a first, second and third order modulators are 85

dB, 123 dB and 155 dB respectively [67]. Third order systems are hard

to stabilize and the linearity is often limited by the sensor component.

Therefore, a second order system will suffice in achieving maximum pos-

sible SNDR for the system.

3.4.5 Architecture of Second Order System

To extend the architecture shown in Fig. 3.10 to a second order sys-

tem is itself not trivial. There are many second order systems that can

be chosen. The key tradeoff for the present application is simplicity of

noise and signal transfer functions. We would prefer an architectural

choice where the NTF is relatively independent from the STF. In other

words, we would prefer a design where by changing gain of the STF
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does not require a significant change in the NTF transfer function as

this would minimize the complexity of implementation. A secondary

issue is to choose an architecture that bodes well to differential imple-

mentation. The ubiquitous second order DSM shown in Fig. 3.4 is not

a good choice because the coefficient of the signal transfer function di-

rectly affects the noise transfer function. To use this architecture would

require that several coefficients be adjusted dynamically adding to the

complexity of the system. A better architecture involves replacing the

second integrator of the regular second order DSM with a bilinear stage

as shown in Fig. 3.11
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Figure 3.11: A second order DSM with
a bilinear integrator stage eliminating
one of the feedback coefficients. This
architecture better buffers the noise
transfer function from changes to the
signal transfer function.
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The output of this system is given by

V (z) =
(
c1 (b1U(z)− a1V (z)) z−1

1− z−1

)
c2 − b2z−1

1− z−1 K +E(z) . (3.16)

As before, we can assume that for proper operation K ≈ 1
a1c1c2

. Sub-

stituting this value in the above equation and solving for V (z) in terms

of U(z) and E(z) will give us the noise and signal transfer functions of

the above system. Accordingly

V(z) =

 c2b1
a1a2

z − b1
a1

(z − 1)2 +
(
c2
a2
z − 1

)
U(z) +

 (z − 1)2

(z − 1)2 +
(
c2
a2
z − 1

)
E(z) ,

(3.17)

where the coefficients to U(z) and E(z) represent the signal transfer

function and noise transfer function respectively. What remains is to

find coefficient values to achieve desirable transfer functions. If we choose

c2 = 2a2, then the STF and NTF are given by

STF = b1
a1

(
2z−1 − z−2) , (3.18)

NTF = 1
(1− z−1)2 . (3.19)

Therefore, as before, we can achieve desirable noise and signal transfer

functions. The key difference, however, is that with the architecture

of Fig. 3.11, the choice of integrator gains c1 and c2 can be set rather

arbitrarily15. Therefore, coefficients c1 and c2 can then be used to adjust 15 the only constraint is that the ratio
of c2 to a2 must be 1

2the outputs of the integrators within a desired linear range to maximize

the output fidelity. This is important for the present application as the

adjustment in input and feedback gains must be accompanied by scaling

in the subsequent stages. The circuit level design of the architecture of

Fig. 3.11 is shown in Fig. 3.12.

3.4.6 Simulations

To demonstrate the effectiveness of the system in suppressing harmonics

and achieving high linearity, a circuit level thermal noise simulation

of the second order system is performed. The result is obtained by

running a transient noise simulation 16. This simulation includes 1.5 pF 16 For details on the simulation setup
refer to Appendix B
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Figure 3.12: Circuit implementation of
the second order DSM with a bilinear
integrator stage.of parasitic capacitance at each node of the accelerometer representing

the pad and bondwire capacitance. The op-amps used are optimized

for noise and power [72]. The same accelerometer as the one used for

the Leuthold integrator is used with the same dynamic range of ±16 g

corresponding to a differential capacitance (C+
s −C−s ) of approximately

114 fF. The capacitor values used are Cf1 = 800 fF, Cf2 = 800 fF,

C1 = 1000 fF, C2 = 1000 fF, Cf3 = 700 fF. The reference voltage for

the converter stage is Vref1 = 600 mV and for the DAC feedback stage

Vref2 = 300 mV. The sampling frequency is Fs = 1024 KHz and the

signal bandwidth is 250 Hz.

To begin with, we look at the output spectrum of the capacitance

to voltage converter by itself (the feedback DAC is disabled) as shown

in Fig. 3.13. The output at this stage is neither ratiometric nor charge

balanced and as a result has a large third order harmonic. Fig. 3.14 then

shows the spectrum of the output bitstream for the proposed system.

The feedback system creates a charge balanced and ratiometric output

that eliminates the third order harmonic to below the noise floor.

3.4.7 Summary of the Single-Ended Architecture

The single-ended architecture proposed creates a charge balanced ra-
tiometric output where the signal gain can be widely programmable
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the output of the charge to voltage con-
verter shown in Fig. 3.12 with the feed-
back DAC disabled. Number of points
used for FFT is 218 and uses a Hanning
window.
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Figure 3.14: Power spectral density of
the output bit stream for a second order
system with thermal noise. Number of
points used for FFT is 218 and uses a
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through the reference voltages and feedback capacitors. Simulations
confirm that as long as oversampling is relatively high, the effect of the
delayed feedback is not noticeable. What remains is to adapt the present
single-ended system to high precision analog circuits - mainly noise re-
duction and differential signal processing. This in itself is not trivial and
requires more specialized circuitry as explained in the next section.
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3.5 Differential and High Purpose Circuitry

3.5.1 Motivation for Fully Differential Circuits

There are several benefits to having differential circuits and performing

signal processing on differential signals. The major benefit is that dif-

ferential processing greatly improves on nonlinearity associated with the

circuit components. If we assume that differential signals pass through

the same non-linearity, then the even order distortions or harmonics are

in phase. Although the harmonics are still present, if the following stage

is an amplifier, then the high common mode rejection ratio of the dif-

ferential pair will significantly reduce the in phase harmonics. Even if

there is no further stages17, if we interpret the output differentially, then 17 for example in the last stage

we will still get rid of the even order harmonics.

The second major benefit of differential processing is that it doubles

the signal swing compared to its single-ended counterpart leading to

improved signal to noise ratio18. Differential circuits also cause less non- 18 The noise also increases but since
noise sources are uncorrelated, they
add as a sum of squares, leading to a
3 dB improvement in SNR for the dif-
ferential case

linearity in a manner similar to how even order distortions are removed.

Any one of the above benefits is reason to choose a differential ar-

chitecture over its single-ended counterpart. As a result, high precision

analog signal processing almost always makes use of differential signal

processing when permitted. Without it, a system that looks very promis-

ing may never be fully utilized in commercial applications. For example,

the Leuthold integrator discussed in the previous section has been tra-

ditionally underused as it does not have a straightforward differential

implementation with some recent attempts to remedy this [73].

Apart from the need to create differential signal processing, the present

system also makes use of complementary voltage references Vref1 and

Vref2 . Any imbalance in these signals will cause the signal at the output

to have a common mode signal saturating the output. Finally, low fre-

quency noise sources such as 1/f noise can limit linearity and must be re-

duced. Therefore, this section looks at ways to enhance the single-ended

circuitry developed in the previous section. As usual, the challenge lies

in overcoming the physical limitations of the accelerometer.
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3.5.2 Creating Differential Output For Input and Feedback Stage

Under normal circumstances, differential signaling from a design per-

spective is not a major issue as a large body of literature exists in this

area. The challenge for the present application lies in the fact that we

are severely limited in the techniques that we can employ due to the

physical constraints of the accelerometer as shown in the Fig. 3.15.

Figure 3.15: Physical construction of
the differential accelerometer and cor-
responding model. The node connect-
ing the two capacitors is fixed, com-
plicating circuit topologies that can be
achieved.

As the figure shows, since the sense capacitors are connected by the

middle electrode, many of the traditional differential techniques are not

easily adaptable since they rely on using each sense capacitor separately.

Certain applications modulate the middle electrode and connect the

outside electrodes to the input terminals of an op-amp to create a differ-

ential output [30]. This topology, however, will have an input common

mode that is no longer fixed and shifts, requiring an input common mode

feedback circuit. Other solutions proposed including using two sets of

sense capacitors and combining them in a differential manner [74]. Both

these techniques add complexity to the circuit and increase power con-

sumption19. 19 For more details on accelerometer in-
terfacing options see Appendix F.

In this work, a novel approach that works well for the present archi-

tecture is a form of chopper stabilization as shown in Fig. 3.16 for the

feedforward signal stage. The chopper stabilization works by inverting

the reference voltage at certain intervals. A typical design choice and one

that is easy to implement is to choose chopping frequency to be half the

sampling frequency. As long as the sampling frequency is much larger

than the bandwidth of the signal, the sample and hold capacitors create

a differential signal to be processed by the following stages. Any low fre-

quency noise or offset or mismatch between the reference voltages will

be common mode to the differential signal and will be removed in the

subsequent stages. The feedback stage also makes use of this technique

as shown in Fig. 3.17. This stage is more complex because to create a

differential signal in the feedback stage, the sense capacitors must be

chopped in two stages. This makes the op-amp of this stage four times

more power hungry than that of the single-ended structure.
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Figure 3.16: The feedforward gain
stage of the proposed architecture
adapted for differential circuitry

3.5.3 Static Capacitance Offset Cancellation

Although the architecture presented in the previous section is parasitic

insensitive, the structure is still prone to offset errors. To demonstrate

this, Fig. 3.18 shows the front end of the DAC feedback stage with par-

asitic capacitances when the output bitstream is high. There are two

types of capacitance modeled: a capacitance to ground at each node

representing the bondwire and pad capacitance and a parallel static ca-

pacitance across each plate. Due to the parasitic insensitive design of

the circuitry, parasitic capacitance contribution due to the bondwire

and pads do not harmonically limit the output. The static capacitance,

however, can cause large harmonics because the charge amplified is no

longer just due to the signal portion but rather to a signal portion and

static portion. To overcome this problem, digital offset calibration tech-

niques can be used to minimize these harmonics. To do this, a 5-bit

programmable capacitor array (PCA) is used to estimate the static ca-

pacitance of the sensor. Then in each sampling phase of the feedback,

the PCA is charged to a polarity opposite to that of the sense capaci-
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Figure 3.17: The feedback DAC stage
of the proposed architecture adapted
for differential circuitry. Notice that
the power consumption of this stage is
four times that of a the single-ended
version.

tor. When the charge is then pushed to the output in the amplification

phase, the static capacitance charge is largely offset by the charge on

the PCA.
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Figure 3.18: Offset cancellation tech-
nique demonstrated for the feedback
DAC. Note that the switch clocks
shown are for the case of a high quan-
tizer output.

‘

3.5.4 Common Mode Signal Boost

A final improvement to the design involves a subtle point regarding com-

mon mode signals. The output of the capacitance to voltage converter

is proportional to Vref1 and therefore, to a first degree, a higher Vref1

can achieve a higher signal power and better SNDR. However, to in-

crease Vref1 , this also has to be accompanied by a higher common mode

voltage for the op-amps of the amplifier. Since the implementation of

the system uses a 1.2 and 0 volt supplies 20, the front end amplifier is 20 IBM 0.13 µm technology

therefore made with an NMOS differential pair to have a higher com-

mon mode, VCM1 , ranging from 900 mV - 1000 mV. At the same time,

however, to turn on the switches for the input stage, the clock signals

must switch from 0 to at least VCM1 + Vref1 . Rather than make all the

clocks high voltage, a level shifter circuit is used to change the signal

for the amplifier chopping clocks from 1.2 V supply to 3.3 V supply. A

simplified version of the circuit used for this is shown in Fig. 3.19.
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Figure 3.19: Level shifter used to
change the clock level for the reference
voltage sampling switches.
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3.5.5 Full System

A differential first order system taking into account the above improve-

ments is shown in Fig. 3.20.

Figure 3.20: Practical implementa-
tion of the proposed system shown in
Fig. 3.10 with offset cancellation net-
work, chopper stabilization and corre-
lated double sampling. The chopper
stabilization also creates a pseudo dif-
ferential signal for later stages.
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3.5.6 Simulations and Analysis

To demonstrate the effectiveness of the system in suppressing harmonics

and achieving high linearity, a circuit level thermal noise simulation of

the second order system is performed. The system is similar to the block

diagram in Fig. 3.9 and circuit of Fig. 3.20 with an additional integra-

tor and feedback stage. The results shown are obtained by running a

transient noise simulation. This simulation includes 1.5 pF of parasitic

capacitance at each node of the accelerometer representing the pad and

bondwire capacitance as well as 50 fF of static capacitance. The static

capacitance is matched with a programmable capacitor array of 47.5

fF. The op-amps used are optimized for noise and power [72]. The ac-

celerometer used has the parameters as shown in Table 3.1 and operated

with a dynamic range of ±10 g corresponding for a differential capaci-

tance (C+
s −C−s ) of approximately 134 fF. The capacitor values used

are Cf1 = 800 fF, Cf2 = 800 fF, C1 = 900 fF, C2 = 900 fF, Cf3 = 900

fF. The reference voltage for the converter stage is Vref1 = 950 mV and

for the DAC feedback stage Vref2 = 480 mV. The sampling frequency is

Fs = 1024 KHz and the signal bandwidth is 250 Hz.

Parameter Symbol Value

Capacitance at rest Cs 600 fF
Capacitive sensitivity C+

s −C−
s

a 4.5 fF/g
Natural frequency ωn 3.0 KHz
Displacement at rest d 2.50 µm
Accelerometer mass m 2.0 ×10−8 kg
Spring constant k 7.1 N/m
Damping coefficient b 7.2 ×10−4 Ns/m

Table 3.1: Accelerometer specifications
used for simulations. Notice that these
coefficients are different than ones used
for the single-ended simulations.

We look at the output spectrum in two places at the same time.

Fig. 3.21 shows the output at the front end of the voltage to capacitance

converter (node V1 in Fig. 3.20). The output at this stage is neither

ratiometric nor charge balanced and as a result has a large third order

harmonic. Fig. 3.22 then shows the spectrum of the output bitstream

(output of the comparator). The feedback creates a charge balanced

ratiometric output that eliminates the third order harmonic to below

the noise floor.



a variable gain direct digital ratiometric charge balanced system 99

10
1

10
2

10
3

10
4

10
5

150

130

110

90

70

50

30

10

Frequency (Hz)

P
o

w
er

 (
d

B
V

/N
B

W
)

Input Acceleration Range = +/ 16g

Input Tone = 78.125 Hz

Output Power = 15.79 dBV

Third Harmonic Power = 57.79 dBV

Bandwidth = 250 Hz

SNDR = 42.00 dB

ENOB = 6.68

NBW = 5.7221 × 10 6

Figure 3.21: Power spectral density at
the output of the capacitance to voltage
converter (node V1 in Fig. 3.20) with
thermal noise.
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Figure 3.22: Power spectral density of
the output bit stream for the proposed
system with thermal noise.

Circuit Block Current Consumption Power

Front End (Converter and DAC) 275 µA 330.0 µW
First Integrator Stage 75 µA 90.0 µW
Second Integrator Stage 54 µA 64.8 µW
Auxiliary Circuits 130 µA 156.0 µW
Total Power 534 µA 640.8 µW

Table 3.2: Simulated power consump-
tion for the proposed system.

Table 3.2 summarizes the simulated power consumption for the imple-

mented system in 0.13 µm CMOS technology. Auxiliary circuits include

the comparator, the clock generation, and the biasing circuitry. The

circuit consumes 640 µW (2.6 µW/Hz) of power from a 1.2 V supply.

3.5.7 Gain Coefficients Flexibility

To have a circuit that has correct NTF and STF, we need to have some

flexibility in the parameters of the design. Fig. 3.23 shows the circuit
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with variable capacitors that are manually adjusted to allow for gain of

the NTF and STF to be set separately. The feedback and feedforward

capacitors in the initial stage make use of 2-bit array (with majority

of adjustment performed though the reference voltages). The integrator

stage capacitors make use of 3-bit capacitor array as to better adjust the

full scale range of the output of the integrators. In each case, the op-

amps were then designed to handle the worst case scenarios (maximum

capacitive load).

Figure 3.23: Single-ended version of
the design showing gain coefficient flex-
ibility using adjustable capacitor arrays
(as well as reference voltage flexibility).
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3.6 Dynamic Range Simulations

Dynamic range simulations for the architecture are shown in Fig. 3.24.

The total harmonic distortion (THD) averages around −80 dB up to

3.75 g of acceleration or −0.56 dBFS owing to the robustness of the

second order delta sigma architecture.

Figure 3.24: SNDR, SQNR and THD
simulations for a 4 g full scale input.

The system can resolve at the low end 0.003 g and up to 3.75 g at

the upper end21 equaling to a spurious free dynamic range of 61.9 dB. It 21 large harmonics exists beyond 3.75 g

is important to note, however, that beyond an acceleration of 2.5 g the

delta sigma modulator behaviour becomes erratic. The noise shaping,

for example, no longer follows a second order response (40 dB/decade)

but rather a first order response (20 dB/decade). Although the single

tone tests above may indicate functionality, this is not guaranteed for
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a band-limited signal22. Therefore, we will limit the usefulness of our 22 A delta sigma modulator is a nonlin-
ear system and linear theory should not
be relied upon in all regions.system up to 2.5 g.

3.7 Conclusion

A novel charge balanced readout technique and system for capacitive ac-

celerometers has been developed with adaptation to pseudo-differential

output and direct digitization. Simulations show high output linearity

at lower power consumption compared to recent open loop readout sys-

tems. Furthermore, the system can accommodate a wide range of sensor

specifications and inputs by changing the gains of the transfer function

to optimize fidelity. The system was implemented in 0.13 µm design

and bondwired to a commercial accelerometer. The measurements of

the design are discussed in Chapter 4.
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Measurements

Measurements in this chapter follow a natural progression towards

proving the functionality of the proposed architecture. The measure-

ments are divided into three sections as follows:

• Section 4.1 treats the proposed system as a regular delta sigma

modulator and characterizes its minimum detectable signal (noise

floor) and linearity (SNDR). The results show that despite the non-

conventional structure of the modulator (four phase clocks, different

DAC feedback capacitor based on output, pseudo differential struc-

ture), the modulator functionality is preserved with fidelity and noise

floors above 60 dB. This is encouraging as we proceed in testing the

concept of the design (harmonic reduction) in Sections 4.2 and 4.3.

• Section 4.2 aims to prove the concept of the system without specif-

ically making use of an accelerometer. This is done by measuring the

modulator functionality as before but introducing harmonics both in

the DAC reference voltages and the feedforward reference voltages

that closely mimic what would be expected from an accelerometer.

The results show a high reduction in harmonics if correct coefficients

are used for the harmonic terms.

• Section 4.3 measures the system with a commercial surface micro-

machined accelerometer in x, y and z directions. The major challenge

in these measurements is the production of a high fidelity accelera-

tion signal at a precise frequency. By using a step motor, an accurate

signal can be generated with some high frequency components (likely
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due to environmental vibrations). These high frequency components

do not cause issues as they do not interfere with the harmonics of the

fundamental tone. The measured results from this test confirm that

the proposed architecture achieves a ratiometric and charge balanced

output reducing harmonics below the thermal noise floor.

For each measurement, the corresponding simulation is performed

using transient noise analysis and compared to the measurements. The

details of the simulation setup are discussed in Appendix B.
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4.1 ADC Functionality Testing

Although the designed system has a very specific application for measur-

ing differential accelerometer signals, the ASIC is first characterized as

a regular ADC. This helps in determining the noise floor of the system

and gives assurances that the proposed architecture is functional. Some

modifications are required to generate signals that are appropriate for

testing the ADC. These modifications and the results are discussed in

this section first for a DC input (Section 4.1.1) and then for an AC input

(Section 4.1.6).

The DC test results show that the system achieves a noise floor of

7.65 µV/
√
Hz with sampling capacitors of 0.96 pF and 1.44 pF compared

to a simulated value of 5.45 µV/
√
Hz. Conversely, the AC measurements

achieve a SNDR of 62.9 dB compared to 66.4 dB in simulations.
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Figure 4.1: Circuit for DC testing.
Note that the DC signals can be in or
out of phase. In phase, the capacitor
values add up, out of phase the capac-
itor values are subtracted.4.1.1 DC Testing

DC testing is the process of placing two static capacitors, C1 and C2 in

place of the accelerometer and intending to use the ASIC as a regular

∆Σ ADC without a signal. Due to the unconventional architecture of

the system, however, some consideration is needed on how to generate

these signals.

4.1.2 Generating a DC Value on Differential Branches

We are looking to have a DC output in both chopping phases. Depending

on the values of input capacitors and the input reference voltages chosen,

the output of the voltage converter will have the following values:

Vout,φ1,chopa =
C1Vref−

1
+C2Vref+

1

Cf1
, (4.1)

Vout,φ2,chopb =
C1Vref+

1
+C2Vref−

1

Cf1
. (4.2)

If the two reference voltages are antiphase, we hav

V
ref−

1
= −Vref1 , (4.3)

V
ref+

1
= +Vref1 . (4.4)
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We can then write

Vout,φ1,chopa = Vref1
C1 −C2
Cf1

, (4.5)

Vout,φ2,chopa = Vref1
C2 −C1
Cf1

. (4.6)

This is somewhat undesirable for a DC test because the DC values for

each branch of the differential circuit are now different. What we desire

is to have the same DC value in both phases. To overcome this problem,

we place the same voltage for both branches. In other words,

V
ref−

1
= V

ref+
1

= Vref1 . (4.7)

In this case, our output in each phase will be the same and given by:

Vout,φ1 = Vref1
C1 +C2
Cf1

, (4.8)

Vout,φ2 = Vref1
C1 +C2
Cf1

. (4.9)

This would work but by placing the same Vref on both branches we have

now effectively disabled the chopping capability of the system. This is

not a major concern as we are using the DC test to get a gauge on the

noise floor of the system.
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4.1.3 DC Test Using Capacitive Array

Having devised a way to generate DC signals, we need to also have a

flexible way to include sampling and feedback capacitors C1 and C2

without constantly soldering components onto the PCB board. One

easy way to generate the different capacitors is to use the capacitor array

system intended for offset cancellation. The capacitor array makes use of

two sets of static capacitors with a 5-bit programmable array of variable

capacitors. If we input a 00000 code for the capacitor array, one branch

of the array will have a capacitance of C1 = 2× 470 fF = 940 fF. The

other branch will have a capacitance of C2 = 2× 470 fF +31× 16 fF

= 1436 fF. Using this combination for the sense capacitors, we get the

power spectral density shown in Fig. 4.2.
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Measurement
Figure 4.2: Measured output spectrum
of the proposed architecture with DC
input showing second order noise shap-
ing. Reference voltages used are as fol-
lows: Vref1+ = Vref1− = 600 mV,
Vref2+ = 800 mV, Vref2− = 400 mV,
Vref1,CM = 600 mV, Vref2,CM = 600
mV.

4.1.4 Total Noise Floor and Expected SNDR

The total noise floor density can be calculated from the FFT graphs

such as the one shown in Fig. 4.2. However, we must first determine

the equivalent maximum input that the DAC output represents. Input-

referred DAC outputs are found by determining the ADC input voltages

which result in the same first integrator input as the DAC outputs.
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Accordingly, we need to satisfy the following equation:

∆C
Cf1
· V
ref±

1
= C1,2
Cf2

· V
ref±

2
, (4.10)

where ∆C = C1 −C2, Cf1 is the feedback capacitance for the voltage

converter and Cf2 is the feedback capacitor for the DAC. Re-arranging

the above and noting that the feedback capacitors are the same, the

input-referred DAC output is equal to

V
ref±

1
= C1,2

∆C · Vref±
2
. (4.11)

Based on this, the peak to peak amplitude of the input corresponding

to the FFT of Fig. 4.2 is approximately 0.95 volts. We can now use this

value to obtain the noise floor as

Noise Floor measured = FFT Noise Floor Power×Full Scale Power
Resolution Bandwidth

=
(

10
−105

10
)(0.95

2
√

2

)2
V2
(

220

64 KHz

)
(4.12)

= 5.8449× 10−11 V2/Hz

= 7.645 µV/
√
Hz .

To put this in perspective, assume that we have an input sinewave at

half fullscale or with amplitude of 0.2375 V1. Therefore, the maximum 1 As would be the necessary for a sec-
ond order delta sigma modulator to be
stableexpected SNDR at a bandwidth of 62.5 Hz will be

SNDRMax, measured =
0.23752

2
5.8449× 10−11 × 62.5 Hz (4.13)

SNDRMax, Measured ≈ 68.89 dB .

4.1.5 DC Comparison to Simulation

The transient noise simulation of the above system is shown in Fig. 4.3.

Based on this, the noise floor and maximum SNDR are given by:

Noise Floor Simulation =
(

10
−105.1

10
)(0.95

2
√

2

)2
V 2
(

219

64 KHz

)
= 2.8559× 10−11 V2/Hz

= 5.3441 µV/
√
Hz , (4.14)
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Figure 4.3: Simulated output spectrum
of the proposed architecture with DC
input.

SNDRMax, simulation =
0.23752

2
2.8559× 10−11 × 62.5 Hz

SNDRMax, simulation ≈ 71.99 dB . (4.15)

Therefore, there is a 3.1 dB discrepancy between the measured and

simulated DC noise floors. There are several sources of error that can

account for this. From the simulation perspective, the transient noise

simulation bandwidth is limited to 100 MHz for speed purposes and

this can underestimate the total noise of the system by 10%2. From 2 See Appendix B for details of noise
simulation

the measurement perspective, noise sources from the power supply and

reference voltages among others exist that must be carefully character-

ized. These sources become the limiting factor as the SNDR boundary

is pushed above a 70 dB range. In other words, it becomes increasingly

more difficult to measure high fidelity signals due to many noise sources

that can come into effect. We expect to see the same discrepancy in the

AC analysis as detailed in the next section.
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4.1.6 AC Testing

Figure 4.4: Circuit for AC testing.
Note that the AC signals can be in or
out of phase. In phase, the output sig-
nal is proportional to the sum of the
capacitor. Out of phase, the output sig-
nal is proportional to the difference in
input capacitors.

In AC testing, unlike DC testing, we require that the output of the

amplifier stage be a signal that is differential. The capacitive accelerom-

eter is a differential system with the capacitor values changing differen-

tially according to:

C+
s = Cs

(
1

1− x
d

)
, (4.16)

C−s = Cs

(
1

1 + x
d

)
. (4.17)

This shows that if we put a sinewave on one branch and the negative

of the differential on the other branch, then as long we have perfectly

matched capacitors C1 and C2, then the output, with the help of the

chopper system, is pseudo differential. This situation, however, is not

practical. It is very difficult and expensive to obtain accurate discrete

capacitors that match well. Furthermore, even a slight difference is

problematic and can saturate the amplifier.

The solution then is to put two different capacitors and feed them

with differential signals. The differential signals are given by

V
ref+

1
= Vref1,CM + VA · sin(2πft) , (4.18)

V
ref−

1
= Vref1,CM − VA · sin(2πft) . (4.19)
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Then using Fig. 4.4 as a reference, we can see that the output signal in

each chopper phase will be given by

Vout,ACφ1,chopa = VA
C1 −C2
Cf1

, (4.20)

Vout,ACφ2,chopa = VA
C2 −C1
Cf1

. (4.21)

This is a differential signal and meets our purposes. The spectrum of

the output with the above signals is shown in Fig. 4.5 achieving 62.9 dB

SNDR and demonstrating the functionality of the ADC. A simulation

of the system with the same reference voltages is shown in Fig. 4.6. As

expected from DC characteristics, the simulations have a better SNDR

by 3.5 dB and same reasoning as outlined previously can explain this

discrepancy.

4.1.7 Conclusion

The results in this sections show that despite the unconventional struc-

ture, the proposed delta sigma modulator still preserves the noise shap-

ing characteristics of a second order modulator and achieves fidelity

above 60 dB. Having established the correct operation of the system,

in the next two sections we look at determining whether the system is

capable of reducing harmonics through charge balance.
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Figure 4.5: Measured output spectrum
of the proposed architecture with input
tone at 15.625 Hz showing second order
noise shaping. Reference voltages used
are as follows Vref1+ = −Vref1− =
0.25 sin(2π · 15.625), Vref2+ = 700 mV,
Vref2− = 500 mV, Vref1,CM = 600
mV, Vref2,CM = 600 mV
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Figure 4.6: Simulated output spectrum
of the proposed architecture with input
tone at 15.625 Hz showing second order
noise shaping.

4.2 Testing Using Generated Accelerometer Signals

Testing the proposed system with an accelerometer is challenging as it

requires the additional cost of packaging the ASIC with accelerometers,

as well as purchasing testing equipment for generating acceleration sig-

nals. Therefore, it is prudent to test the concept of the ASIC3 before 3 mainly harmonic reduction

further effort in testing takes place.

The harmonic reduction capability of the ASIC can be proved by

generating accelerometer signals electronically. In such a case, the roles
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of the capacitor and voltage references are reversed. In an accelerometer,

the voltage references are constant while the capacitance changes in a

sinusoidal manner. In this case, the voltage references for both the

signal and feedback stage are sinusoidal and capacitors are fixed. What

remains is then to generate the correct reference voltages that closely

match our model of the accelerometer. This is discussed further in the

next section.

4.2.1 Generating Appropriate Voltage References to Model Ac-

celerometer Signals

Recall that an accelerometer undergoing acceleration can be modeled as

two varying capacitances according to

C+
s = Cs

1− x
d

and C−s = Cs
1 + x

d

, (4.22)

where Cs is the accelerometer capacitance at rest, x is the displacement 4 4 sinusoidal or static

and d is the separation of capacitor plates. We like to mimic the above

variable capacitor by having a fixed capacitor and a variable voltage.

Expanding the equation for the positive sense capacitor C+
s we have

C+
s = Cs

1− x
d

(4.23)

= Cs

(
1 + x

d
+
(x
d

)2
+
(x
d

)3
+ . . .

)
. (4.24)

Similarly for the negative capacitor we have

C−s = Cs
1 + x

d

(4.25)

= Cs

(
1− x

d
+
(x
d

)2
−
(x
d

)3
+ . . .

)
. (4.26)

Now substituting the generic differential signals into the ratiometric
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equation and expanding we have

Vo =
Cs

[
1 + x

d +
(
x
d

)2 +
(
x
d

)3 + . . .
]
−Cs

[
1− x

d +
(
x
d

)2 − (xd )3 + . . .
]

Cs

[
1 + x

d +
(
x
d

)2 +
(
x
d

)3 + . . .
]

+Cs

[
1− x

d +
(
x
d

)2 − (xd )3 + . . .
]

=
2xd
[
1 +

(
x
d

)2 +
(
x
d

)4 + . . .
]

2Cs
[
1 +

(
x
d

)2 +
(
x
d

)4 + . . .
]

= x

d

1
Cs

, (4.27)

where x is our desired signal (for example a single tone sinusoid for

testing purposes). Therefore, as long as we can generate a signal that

has harmonic coefficients as shown above, the proposed system will re-

move them. Is it possible to generate such a signal? Assume we have a

differential signal, then this signal has the attribute that

V +
D = VDC + vac and V −D = VDC − vac , (4.28)

where vac is a single tone sinusoidal signal. Any active circuitry has a

non-linearity associated with it that is often modeled as a memoryless

Taylor series5. Using the Taylor series approximation, we have 5 If a circuit has any capacitive ele-
ments, then strictly speaking a memo-
ryless non-linearity model is not appro-
priate. In that case, a Volterra series
expansion is needed.

V +
o = VDC + a1vac + a2v

2
ac + a3v

3
ac + . . . (4.29)

V −o = VDC − a1vac + a2v
2
ac − a3v

3
ac + . . . . (4.30)

Now assume we put the above expression into the familiar ratiometric

form of Eq. (4.27). Our aim is to see the relationship between the

harmonic coefficients that allow us to have cancellation. First, let’s

manipulate the equation so it is in the same form as that shown in Eq.

(4.27):

V +
ref1

= VDC

[
1 + a1

VDC
vac + a2

VDC
v2
ac + a3

VDC
v3
ac + . . .

]
(4.31)

V −ref1
= VDC

[
1− a1

VDC
vac + a2

VDC
v2
ac −

a3
VDC

v3
ac + . . .

]
. (4.32)

Now placing the above equation into the ratiometric output that we
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expect from the system, we have

Vout =
V +
differential − V

−
differential

V +
differential + V −differential

(4.33)

=
VDC

[
1 + a1

VDC
vac + a2

VDC
v2
ac + a3

VDC
v3
ac + . . .

]
− VDC

[
1− a1

VDC
vac + a2

VDC
v2
ac − a3

VDC
v3
ac + . . .

]
VDC

[
1 + a1

VDC
vac + a2

VDC
v2
ac + a3

VDC
v3
ac + . . .

]
+ VDC

[
1− a1

VDC
vac + a2

VDC
v2
ac − a3

VDC
v3
ac + . . .

]
(4.34)

=

[
2 a1
VDC

vac + 2 a3
VDC

v3
ac + 2 a5

VDC
v5
ac + . . .

]
VDC

[
2 + 2 a2

VDC
v2
ac + 2 a4

VDC
v4
ac + . . .

] (4.35)

=
2 a1
VDC

vac

[
1 + a3

a1
v2
ac + a5

a1
v4
ac + . . .

]
2VDC

[
1 + a2

VDC
v2
ac + a4

VDC
v4
ac + . . .

] (4.36)

= a1
V 2
DC

vac

[
1 + a3

a1
v2
ac + a5

a1
v4
ac + . . .

]
[
1 + a2

VDC
v2
ac + a4

VDC
v4
ac + . . .

] (4.37)

= a1
V 2
DC

vac

[
1 + a3

a1
v2
ac + a5

a1
v4
ac + . . .

] [
1− a2

VDC
v2
ac −

a4
VDC

v4
ac + . . .

]
(4.38)

= a1
V 2
DC

vac

[
1− a2

VDC
v2
ac −

a4
VDC

v4
ac + a3

a1
v2
ac −

a2
VDC

a3
a1
v4
ac −

a4
VDC

a3
a1
v6
ac + a5

a1
v4
ac −

a2
VDC

a5
a1
v6
ac −

a4
VDC

a5
a1
v8
ac

]
(4.39)

= a1
V 2
DC

vac

[
1 +

(
a3
a1
− a2
VDC

)
v2
ac −

(
a4
VDC

− a2
VDC

a3
a1
− a5
a1

)
v4
ac −

(
a4
VDC

a3
a1
− a2
VDC

a5
a1

)
v6
ac −

a4
VDC

a5
a1
v8
ac

]
.

(4.40)

In order for the terms in the brackets to cancel out, we need the following

equations to hold:

a1 = VDC
a3
a2

and a1 = VDC
a5
a4

. (4.41)

The moral of this derivation is that there is no circuit element that we

can built to give us precise known values of harmonic coefficients. As

such, to have harmonics with correct coefficients, we need to specifically

generate signals and add them together to create the desired output

harmonics. One solution to the above is to make a2 = a3 = a4 = a5 = 1.

In this case, then a1 = VDC or the gain of the circuit would be equivalent
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to the DC magnitude. Other arrangements can also be made where the

gain is made larger or smaller than VDC using the equations above.

Another complication is that we cannot generate all harmonics due to

limitations of the test equipment. However, the ratiometric equation still

holds as long as an odd number of harmonics are present. For example,

if we have a signal that includes the second and third harmonic (with

correct coefficients), then the ratiometric output will still remove both

harmonics. This is the approach taken.

Finally, one caveat to the above analysis is that it has been per-

formed for a single-ended circuit and does not expand well to the pseudo-

differential structure. The differential version would require four differ-

ent voltage sources that is impractical to generate and requires changes

to the differential circuit. Therefore, to test harmonic reduction, a single-

ended version of the circuit was used.

4.2.2 Simulations with Generated Accelerometer Signals

Based on the analysis above, a set of input signals that will mimic the

output signal of an accelerometer6 is given by 6 at DC and low frequencies

V +
ref1

= + Vref1 + Vref1A sin(2π · ft)

+ Vref1
A2

2 [1− cos(2πt)]

+ Vref1
A3

4 [3 sin(2π · ft)− sin(2π · 3ft)] , (4.42)

V −ref1
= − Vref1 + Vref1A sin(2π · ft)

− Vref1
A2

2 [1− cos(2πt)]

+ Vref1
A3

4 [3 sin(2π · ft)− sin(2π · 3ft)] . (4.43)

For the feedback reference voltages, the structure would be the same,
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but we may need to change the DC values. As such, we can write

V +
ref2

= + Vref2 + Vref2A sin(2π · ft)

+ Vref2
A2

2 [1− cos(2πt)]

+ Vref2
A3

4 [3 sin(2π · ft)− sin(2π · 3ft)] , (4.44)

V −ref2
= − Vref2 + Vref2A sin(2π · ft)

− Vref2
A2

2 [1− cos(2πt)]

+ Vref2
A3

4 [3 sin(2π · ft)− sin(2π · 3ft)] . (4.45)

Figure 4.7: Simulation and test setup
to demonstrate the harmonic reduction
capability of the proposed system.

The simulation setup is demonstrated in Fig. 4.7. Only the second

and third order harmonics are used for the signals as we are limited by

the test equipment setup. The output of the capacitive voltage converter

(Fig. 4.9) reduces the second order (and even order) harmonics. The

output of the ADC (Fig. 4.10) then reduces the third harmonic below

the noise floor.
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Figure 4.8: Spectrum of the signal with
harmonics proportional to the expected
accelerometer output. This signal is
used as an input signal to the system
and for the feedback reference voltages.
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Figure 4.9: Simulated spectrum at the
output of the capacitance to voltage
converter with the input signal and ref-
erence voltages chosen to mimic the ac-
celerometer output. Notice that this
stage significantly reduces the second
order harmonic.
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Figure 4.10: Simulated output spec-
trum of the proposed system with input
signal and reference voltages chosen to
mimic the accelerometer output.

4.2.3 Measurements with Generated Accelerometer Signals

Test setup for measurements was similar to the previous simulations. To

observe the harmonics, we change the feedforward or input references to

the voltages shown in Eq. (4.42) and (4.43) and use static DC references

for the DAC. The resulting output spectrum is shown in Fig. 4.117. Note 7 This technique allows us to observe
the output harmonic of the capacitance
to voltage converter without capturing
the data specifically at this node.

that the second order harmonic is reduced below the noise floor due to

the differential output of the voltage converter but the third harmonic

remains as expected and confirmed through simulations.

Fig. 4.12 then shows the output of the ADC with the DAC reference

voltages replaced by their AC counterparts shown in Eq. (4.44) and

(4.45). Although having a changing reference voltage is unconventional,

this setup with harmonic coefficients chosen correctly, reduces the output

third harmonic to below the noise floor improving on the SNDR.

These results confirm that the proposed system, with correct har-

monic coefficients, reduces the third harmonic below the noise floor.

Theoretically, this concept can be expanded to higher order harmonics

with proper test equipment but regardless, the results are encouraging

enough to continue testing with a bondwired accelerometer.
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Figure 4.11: Measured output spec-
trum of the system with input refer-
ences given by Eq. (4.42) and (4.43)
and DC feedback references.
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ences given by Eq. (4.42) and (4.43)
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Eq. (4.44) and (4.45).
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4.3 Accelerometer Testing

Accelerometer testing was performed by co-packaging a raw commercial

accelerometer with the ASIC in a QFN package. A die photograph of

one package is shown in Fig. 4.13.

Figure 4.13: QFN package with bond-

wired IC chip and accelerometer.

4.3.1 Overcoming Challenges in Accelerometer Testing

Two main challenges in testing the accelerometer are generating a pure

tone for testing and dealing with the relatively low g forces that can

be achieved with the test equipment available. These challenges and

solutions are described below.

4.3.2 Generating a Pure Sinusoidal Acceleration

One of the main challenges in testing the accelerometer is generating

a pure sinusoidal acceleration needed to drive the accelerometer. As

the ASIC is designed for harmonic reduction, it is important to have a

properly characterized acceleration signal. This is very challenging as

many environment conditions (wind, foot steps, car movement) create

small unwanted vibrational signals.

Testing was further challenged by the large PCB size and wiring re-

quired for powering the ASIC and reading out the data. Many different

architectures and test setups were attempted including the use of a pen-

dulum, 3D printer, and clay pottery spinners. These setups failed either

due to impracticality or high noise characteristics of the generated vi-

brations. The best compromise was achieved by using a step motor.

Details of the setup and programming are shown in Appendix H.

To test the purity of the generated acceleration signal, we make use of

a commercial acceleration tracker [75]. Due to the limitations of the step

motor torque, and the requirement to have tones that fall within a band,

only two acceleration frequencies could be generated at 3.90625 Hz and

7.8125 Hz. These signals in the time domain are shown in Fig. 4.14 and

Fig. 4.15 respectively.
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Figure 4.14: Sinusoidal acceleration
signal generated using a step motor at
3.90625 Hz with magnitude of ±0.15 g.
Notice the irregularity at the top and
bottom of the sine wave indicating a
change in direction of the motor.

Figure 4.15: Sinusoidal acceleration
signal generated using a step motor at
7.8125 Hz with magnitude of ±0.6 g.

4.3.3 Overcoming Problems with the Small Signal Tone

The previous section showed that with the use of a step motor, a rel-

atively pure acceleration tone can be achieved. The structure of the

motor setup also makes it ideal for a test setup with the large PCB8. 8 20 cm x 20 cm

However, a second issue is the low acceleration achievable with the step
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motor which is below ±1 g. Fortunately, the architecture proposed is

specifically designed to maximize signal fidelity by choosing an appro-

priate set of feedforward and feedback reference voltages. Assume that

we choose the DAC reference voltages to be ±Vref2 . Then the full scale

input that is associated with these reference voltages is related to the

signal reference voltages, ±Vref1 such that the following equality holds:

∆C
Cf1
· V
ref±

1
= Cs
Cf2
· V
ref±

2
, (4.46)

where ∆C is the maximum amplitude of capacitance change for the

intended application9, Cf1 is the feedback capacitance for the voltage 9 This value can change significantly in
x, y and z directions and as well across
dies in the same direction as will be
shown later.

converter and Cf2 is the feedback capacitor for the DAC. Re-arranging

the above we get

V
ref±

1
= Cs

∆C · Vref±
2
. (4.47)

Now assume that we choose the maximum acceleration (0 dBFS) to be 4

g or a change in capacitance of ∆C = 4× 4.5 fF/g = 18 fF. Accordingly,

we need to find a voltage combination that satisfies the above equation.

Since the right hand side of the above equation is much larger due to the

presence of the small ∆C value, we need to choose a relatively small DAC

reference voltage. Assume as a first pass, we choose V
ref±

2
= ±25 mV,

then

V
ref±

1
= 320 fF

18 fF · ±25 mV (4.48)

= ±400 mV ,

with a common mode of 600 mV this equates to a reference voltages

of V
ref+

1
= 1000 mV and V

ref−
1

= 200 mV. In the following sections,

these reference voltages are slightly changed to accommodate different

sensitivities (fF/g) associated with x, y and z direction sensors.
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4.3.4 X Direction Testing

Figure 4.16: Interdigitated structure of
the x-direction accelerometer.

4.3.5 X Direction Specifications

The full parameters for the x-direction are shown in Table 4.1. The

key take away from this this table is the large variance across the dies.

Therefore, for optimal results, the static capacitance of the die should

be measured and reference voltages adjusted accordingly.

Parameter Symbol Minimum Typical Maximum Units

Maximum Acceleration amax -30 30 g
Mass weight m 1.27 1.49 1.73 µg
Spring Constant k 0.55 1.03 1.53 N/m
Mechanical Resonance fn 3.32 4.16 5.03 kHz
Damping Coefficient D 0.53 0.89 1.17 1
Displacement at rest d 1464 2000 2156 nm
Deflection for 1g xg 9 14 20 nm
Deflection for 30g xn 265 435 611 nm
Normalized Deflection xn/d 0.181 0.217 0.283 1
Resting Capacitancea C0,x 245 321 404 fF
Capacitive sensitivity b 3.0 4.5 7.5 fF/g
Sensor parasitic capacitance CPS1x 45 50 55 fF
Relative Change in Capacitanceb,c Ecx 0.181 0.217 0.283 1
Offset of X-element |Coffx | 0.5 ·Ec ·C0 fF
Linearity error FL 1.0 %
a Excluding parasitic capacitance, measured at zero acceleration
b Differential difference in capacitance due to 1g acceleration C+

s −C−
s

a
c Considering parasitic capacitance at maximum 30g, Ec = (Cs2+Cps2)−(Cs1+Cps1)

(Cs2+Cps2)−(Cs1+Cps1) .

Table 4.1: Specifications for the
x-direction capacitive accelerometer.
Structure is based on an interdigitated
structure.
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4.3.6 X-Direction DC Testing

The resting capacitance can be found by observing the feedback of the

system. This measurement is demonstrated for the x-direction and sub-

sequently reported for the y and z directions. By knowing the resting

capacitance, we can estimate the sensitivity of the accelerometer accord-

ing to the data in Table 4.1 and subsequently adjust reference voltages

according to Eq. (4.47).
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Figure 4.17: DAC output as observed
through an on-chip buffer.

Based on the graph, the high and low point of feedback is approxi-

mately ±90 mV with respect to the common mode voltage of 600 mV.

Accordingly we can write

Cs ≈
V outDAC − Vref2,CM

V +
ref2
− Vref2,CM

Cf2 (4.49)

≈ 90
200 × 832 fF

≈ 375 fF .

This is within the higher range of values found in Table 4.1 and in-

dicates a sensitivity closer to 5.5 fF/g. Therefore, the reference voltages
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to optimize the output for 4 g acceleration is given by

V
ref±

1
= 375fF

4g× 5.5fF/g · ±25 mV (4.50)

= ±426 mV .

Figure 4.18: Measured x-direction DC
output spectrum. Reference voltages
are V +

ref1 = 1026 mV, V −
ref1 = 174 mV,

V +
ref2 = 625 mV, V −

ref2 = 575 mV

The DC output spectrum based on Vref1± = ±426 mV is shown in

Fig. 4.18. From this, the noise floor of the accelerometer readout in the

x-direction can be calculated as

Noise Floor Measured = FFT Noise Floor Power×Full Scale Power
Resolution Bandwidth

=
(

10
−90
10
)(0.426√

2

)2
V 2
(

220

64 KHz

)
(4.51)

= 1.4867× 10−9 V2/Hz

NFx = 38.56 µV/
√
Hz ..

The above is the noise floor at the output of the modulator. But

based on our linear model of the delta-sigma modulator, this output is

simply the input at the first integrator10. Therefore, we can say that our 10 The signal transfer function was sim-
ply a delay

capacitive resolution or the minimum detectable change in capacitance is

the capacitance value that results in the above noise floor at the output
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of the charge to voltage amplifier or the input to the first integrator.

Using the charge to voltage amplifier transfer function, we can solve for

the capacitive resolution as

Vout = ∆C
Cf1

Vref1 (4.52)

∆Cmin,x =
Vout,min
Vref1

Cf1 (4.53)

= 72.41 aF/
√
Hz .

Equivalently, we can convert the capacitive resolution into an equiv-

alent minimum detectable acceleration. Given that the sensitivity for

this accelerometer is 5.5 fF/g, then this equates to

∆C = G× S (4.54)

Gmin,x =
∆Cmin,x

S
(4.55)

= 75.3 aF/
√
Hz

5.5 fF/g

= 13.7 mg/
√
Hz .

Note that Gmin,x, ∆Cmin,x and NFx are all equivalent in the above

derivations and can be used interchangeably.

Comparison to Theory and Simulations

The theoretical noise floor can be calculated based on the orthogonal

combination of the mechanical noise floor and the electronic noise floor.

The electronic noise is dominated by the capacitance to voltage con-

verter, the DAC feedback stage and the first integrator11. Accordingly, 11 More details on formulas for the noise
sources is provided in Appendix A.1.4
and details are omitted here for brevitywe can write

NFx,t =

√
4kBTωn
m2Q

+ V 2
conv + V 2

DAC + V 2
int

OSR
. (4.56)
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Here kB is Boltzmann’s constant, ωn is the natural resonant frequency of

the accelerometer, m is the mass in Kg and Q is the quality factor of the

complex poles governing the second order mechanical accelerometer. For

the accelerometer used for testing, the small mass makes the mechanical

noise much larger than the electronic noise, as such we can write

NFx,t ≈
√

4kBTb
9.82m2

(
5.5 fF/g
800 fF 0.426

)2
(4.57)

≈ 26.90 µV/
√
Hz .

Therefore the theoretical results match the output fairly well. A

simulation of the system with an accelerometer model12 is shown in 12 for details of accelerometer modeling
see Appendix D.

Fig. 4.19 using transient noise simulation. The frequency range for the

transient noise is 2.048 Hz to 100 MHz which captures the low frequency

noise and up to 5− 10 times the 3 dB bandwidth of the front-end op-

amps.

Figure 4.19: Simulated x-direction DC
output spectrum. Reference voltages
same as measurements.
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The noise floor of this simulation is calculated as:

Noise Floor Simulated = FFT Noise Floor Power×Full Scale Power
Resolution Bandwidth

=
(

10
−81
10
)(0.426√

2

)2
V2
(

217

64 KHz

)
(4.58)

= 1.4761× 10−9 V2/Hz

NFx,s = 38.42 µV/
√
Hz ,

and the minimum detectable capacitance is given by

∆Cmin,xs = 72.15 aF/
√
Hz .

This matches within a few percentage error to the measured and

theoretical values indicating that our model of the accelerometer is very

accurate. The larger error in the standalone modulator testing does

not translate here because the mechanical noise of the accelerometer is

dominating.
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4.3.7 X-Direction AC Testing

To generate a pure sinusoidal excitation signal for the accelerometer, a

step motor is used in a master slave configuration to produce a sinusoidal

distance movement. Since acceleration is the integral of velocity, which

in turn is the integral of displacement, as long as we have a sinusoidal

displacement, then sinusoidal acceleration should follow. The output

spectrum for an acceleration force of ±0.15 g at 3.90625 Hz input13 is 13 Frequency is chosen to fall within a
bin and avoid skirts [76]

shown in Fig. 4.20. The SNDR for this test is 28.4 dB with a bandwidth

of 62.5 Hz. This bandwidth is used for all accelerometer AC tests. As-

suming a full scale value of 2.5 g, we expect the SNDR to increase to

52.8 dB.
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Figure 4.20: Measured x-direction AC
output spectrum at 3.90625 Hz with
magnitude of ±0.15 g. Reference volt-
ages are V +

ref1 = 1026 mV, V −
ref1 = 174

mV, V +
ref2 = 625 mV, V −

ref2 = 575 mV

A simulation of the system14 is shown in Fig. 4.21. 14 using transient noise simulation

The 1.2 dB higher SNDR from simulations is not significant. It can

be attributed to the low number of points taken for the transient noise

simulation relative to the measured results. Also, device parameters can

vary significantly and we have only estimated these values based on the

output of the feedback DAC as shown in Fig. 4.17.

Notice that in the measurements, there is significant environmental

noise around and above 100 Hz. These tones are unwanted but do not

pose a problem as harmonics of our fundamental fall at 7.8125 Hz, 15.625

Hz and 31.25 Hz, well below the high frequency environmental noise15. 15 To confirm that these spurs are not
due to the input signal, cross sensitivity
testing has been performed and results
are shown in Appendix C.1.

From the analysis of the harmonics as shown in the previous section,
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Figure 4.21: Simulated x-direction AC
output spectrum simulation at 3.90625
Hz with magnitude of ±0.15 g.

we expect the second harmonic to be reduced significantly and a 3rd

harmonic to fall around −80 dBFs. Since this is very close to the noise

floor, we cannot conclusively prove that the system can reduce harmonics

from the test at this frequency.

To better observe the third harmonic, the acceleration frequency is

doubled to 7.8125 Hz. This higher frequency then corresponds to a

force of ±0.6 g or an increase by a factor of 4. The output spectrum is

shown in Fig. 4.22 and highlighted with the fact that we expect a 3rd

harmonic at 23.4375 Hz at −68 dBFs. The charge balanced architecture

has reduced the harmonic to below the noise floor. The SNDR for this

test is 45.5 dB. Assuming that the acceleration can be increased to the

full scale range of 2.5 g, the SNDR should improve to 53.0 dB.

For comparison, a simulation of the system is shown in Fig. 4.23 using

a transient noise simulation. There is a 1 dB discrepancy between the

measured and simulation results that can be attributed to errors in FFT

as well precise dynamic models of the accelerometer under test.
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Figure 4.22: Measured x-direction AC
output spectrum with acceleration at
7.8125 Hz with magnitude of ±0.6 g.
Reference voltages are V +

ref1 = 1026
mV, V −

ref1 = 174 mV, V +
ref2 = 625 mV,

V −
ref2 = 575 mV.

Figure 4.23: Simulated x-direction AC
output spectrum at 7.8125 Hz with
magnitude of ±0.6 g. voltages are the
same as used in the measurement of
Fig. 4.22.
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4.3.8 Y Direction Testing

Figure 4.24: Interdigitated structure of
the y-direction accelerometer.

4.3.9 Y-Direction Specifications

The y-direction parameters are similar to the x-direction parameters

with slight differences in parasitic capacitance, and sensitivities. Full

parameters are shown in Table 4.2.

Parameter Symbol Minimum Typical Maximum Units

Maximum Acceleration amax -30 30 g
Mass weight m 1.14 1.36 1.58 µg
Spring Constant k 0.51 0.94 1.38 N/m
Mechanical Resonance fn 3.38 4.17 4.98 kHz
Damping Coefficient D 0.57 0.94 1.22 1
Displacement at rest d 1464 2000 2156 nm
Deflection for 1g xg 9 14 20 nm
Deflection for 30g xn 276 434 598 nm
Normalized Deflection xn/d 0.180 0.216 0.278 1
Resting Capacitancea C0,y 236 315 405 fF
Capacitive sensitivity b 3.0 4.5 7.5 fF/g
Sensor parasitic capacitance CPS1y 55 60 65 fF
Relative Change in Capacitanceb,c Ecy 0.181 0.217 0.283 1
Offset of X-element |Coffy | 0.5 ·Ec ·C0 fF
Linearity error FL 1.0 %
a Excluding parasitic capacitance, measured at zero acceleration
b Differential difference in capacitance due to 1g acceleration C+

s −C−
s

a
c Considering parasitic capacitance at maximum 30g, Ec = (Cs2+Cps2)−(Cs1+Cps1)

(Cs2+Cps2)−(Cs1+Cps1) .

Table 4.2: Specifications for the
y-direction capacitive accelerometer.
Structure is based on an interdigitated
structure as shown in Fig. 4.24.
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4.3.10 Y-Direction DC Testing

The rest capacitance for the y-direction, Csy , was measured to be 330

fF resulting in a reference voltage of ±430 mV to accommodate a full

scale range of ±4 g. The spectrum of the output is shown in Fig. 4.25.

The noise floor and minimum detectable capacitance are then given by

NFy =
(

10
−90
10
)(0.430√

2

)2
V2
(

220

64 KHz

)
(4.59)

= 1.5147× 10−9 V2/Hz

= 38.92 µV/
√
Hz⇒ ∆Cmin,y = 72.41 aF/

√
Hz .

Figure 4.25: Measured y-direction DC
output spectrum. Reference voltages
are V +

ref1 = 1030 mV, V −
ref1 = 170 mV,

V +
ref2 = 625 mV, V −

ref2 = 575 mV

A simulation of the system is shown in Fig. 4.26 with good matching

to measurements as shown below.

NFy,s =
(

10
−81
10
)(0.43√

2

)2
V 2
(

217

64 KHz

)
(4.60)

= 37.88 µV/
√
Hz

∆Cmin,ys = 70.47 aF/
√
Hz
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Figure 4.26: Simulated y-direction DC
output spectrum. Reference voltages
are the same as used in the measure-
ment of Fig. 4.25.
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4.3.11 Y-Direction AC Testing

As with the x-direction testing, we perform two tests for the y-direction.

One test is with an acceleration force of ≈ ±0.15 g at a frequency of

3.90625 Hz. This is shown in Fig. 4.27 resulting in an SNDR of 30.2 dB

and a maximum possible SNDR of 54.6 dB. The second test increases the

frequency to 7.8125 Hz at an acceleration of ±0.6 g (Fig. 4.29) showing

again the reduction in harmonics below the noise floor. The SNDR is

measured to be 42.5 dB with a maximum possible SNDR of 54.9 dB

at full scale. The corresponding simulations with frequency of 3.90625

Hz and 7.8125 Hz are shown in Fig. 4.28 and Fig. 4.30 respectively,

matching the measurement results within less than 1 dB. Note that

the number of points used for the simulations is lower due to the long

simulation times required to accurately model transient noise.
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Figure 4.27: Measured y-direction AC
output spectrum with acceleration at
3.90625 Hz with magnitude of ±0.15
g. Reference voltages are V +

ref1 = 1030
mV, V −

ref1 = 170 mV, V +
ref2 = 625 mV,

V −
ref2 = 575 mV
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Figure 4.28: Simulated y-direction AC
output spectrum with acceleration at
3.90625 Hz with magnitude of ±0.15
g. Reference voltages are V +

ref1 = 1030
mV, V −

ref1 = 170 mV, V +
ref2 = 625 mV,

V −
ref2 = 575 mV
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Figure 4.29: Measured y-direction AC
output spectrum with acceleration at
7.8125 Hz with magnitude of ±0.6 g.
Reference voltages are V +

ref1 = 1030
mV, V −

ref1 = 170 mV, V +
ref2 = 625 mV,

V −
ref2 = 575 mV
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Figure 4.30: Simulated y-direction AC
output spectrum with acceleration at
7.8125 Hz with magnitude of ±0.6 g.
Reference voltages are V +

ref1 = 1030
mV, V −

ref1 = 170 mV, V +
ref2 = 625 mV,

V −
ref2 = 575 mV



140 a variable gain direct digital readout system for capacitive inertial sensors

4.3.12 Z-Direction Testing

Figure 4.31: Physical structure of the
z-direction accelerometer.

4.3.13 Z Direction Specifications

The z-direction accelerometer uses a cantilever structure and as such the

sensitivity and bandwidth are lower in this direction. Full specifications

are shown in Table 4.3.

Parameter Symbol Minimum Typical Maximum Units

Maximum Acceleration amax -30 30 g
Mass weight m 1.14 1.36 1.58 µg
Tortion Constant kt 0.027 0.052 0.078 µNm/rad
Mechanical Resonance fn 1.87 2.39 2.94 kHz
Damping Coefficient D 0.55 0.90 1.34 1
Rotation for 1g αg -14.2 0.8 16.4 mrad
Rotation for 30g αn 7.4 27.1 47.5 mrad
Resting Capacitancea C0,y 241 264 292 fF
Capacitive sensitivity b 3.0 4.5 7.5 fF/g
Sensor parasitic capacitance CPS1,2z 7.5 10 12.5 fF
Relative Change in Capacitanceb,c Ecz 0.048 0.187 0.331 1
Offset |Coffz | 0.5 ·Ec ·C0 fF
Linearity error FL 1.0 %
a Excluding parasitic capacitance, measured at zero acceleration
b Differential difference in capacitance due to 1g acceleration C+

s −C−
s

a
c Considering parasitic capacitance at maximum 30g, Ec = (Cs2+Cps2)−(Cs1+Cps1)

(Cs2+Cps2)−(Cs1+Cps1) .

Table 4.3: Specifications for the
z-direction capacitive accelerometer.
Structure is that of a parallel plate (see
Fig. 4.31)
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4.3.14 Z-Direction DC Testing

The input-referred DAC output for the z-direction tested was ±350 mV

and from the spectrum of Fig. 4.32, the estimated noise floor and mini-

mum detectable capacitance are given by

NFz =
(

10
−89
10
)(0.350√

2

)2
V 2
(

220

64 KHz

)
(4.61)

= 35.54 µV/
√
Hz ,

∆Cmin,z = 81.23 aF/
√
Hz .
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Figure 4.32: Measured z-direction DC
output spectrum. Reference voltages
are V +

ref1 = 950 mV, V −
ref1 = 250 mV,

V +
ref2 = 625 mV, V −

ref2 = 575 mV

A simulation of the system is shown in Fig. 4.26 with good matching

to measurements as shown below.

NFz,s =
(

10
−81
10
)(0.35√

2

)2
V 2
(

217

64 KHz

)
(4.62)

= 31.56 µV/
√
Hz

∆Cmin,zs = 72.13 aF/
√
Hz

4.3.15 Z-Direction AC Testing

Due to the limitations of the test equipment, it was not possible to

accurately perform a frequency test in the z-direction.
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Figure 4.33: Simulated z-direction DC
output spectrum. Reference voltages
are V +

ref1 = 950 mV, V −
ref1 = 250 mV,

V +
ref2 = 625 mV, V −

ref2 = 575 mV
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4.4 Summary of Measurement Results

Process IBM 0.13 µm technology with MIM capacitors
Supply Voltage 1.2 V
Configuration Switched capacitor based Delta Sigma Modulator
Active Area 0.35 mm2 a

Delta Sigma Test

Sampling frequency 64 KHz
Bandwidth 62.5 Hz
Total Power consumption 630 µW
Peak SNDR 62.9 dB
FOM Delta Sigmab 4.42 nJ/step

Accelerometer Testing

x-axis y-axis z-axis Units

Noise Floor 38.56 38.92 31.68 µ V/
√
Hz

SNDRc 53.0 54.9 – dB
Capacitive Resolution 72.41 72.41 81.23 aF/

√
Hz

Harmonic Reduction > 12 > 12 – dB
x-axis Cross Sensitivityd – > 60 > 60 dB
y-axis Cross Sensitivityd > 60 – > 60 dB
z-axis Cross Sensitivityd > 60 > 60 – dB
a Excludes area for pads.
b FOM= Power

2×BW2ENOB
c At 7.8125 Hz assuming proper equipment to achieve ±2.5 g of acceleration. Current tests

with step motor resulted in ±0.6 g maximum acceleration.
d See Appendix C.1

Table 4.4: Summary of Results



144 a variable gain direct digital readout system for capacitive inertial sensors

4.5 Comparison to the State of the Art

The measurements in the previous section confirm that the proposed

architecture is functional and has the ability to overcome problems as-

sociated with low sensitivity devices. This property is key and the dis-

tinguishing factor of the proposed architecture. Raw fidelity parame-

ters such as SNDR and capacitive resolution only provide half of the

picture as discussed in the opening chapter. To clarify this further,

Fig. 4.34 shows the SNR tradeoff for three types of ratiometric charge

balanced readout circuits: the analog feedback circuit as first introduced

in [69], the digital feedback circuit used in [28] and the proposed archi-

tecture [24].

Surface 
accelerometers

Bulk or custom 
accelerometers
(high cost)

Proposed architecture 
breaks sensitivity tradeoff
4-6 fF/g sensitivity, low 
cost commercial 
accelerometer

Can increase SNR by reducing 
noise floor but power hungry and 
limited by mechanical noise

Figure 4.34: Comparison of the SNR
loss with respect to device sensitivity
for the two types of charge balanced
open loop ratiometric readout circuits
and the proposed system.

This plot emphasizes the tradeoff between device sensitivity and SNR

loss due to the structure of the readout circuit. As the sensitivity of de-

vices is reduced, all other things being equal, the fidelity decreases for

traditional charge balanced ratiometric readout circuits. Accelerometers
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that go beyond a few 10’s of fF/g are either bulk-micromachined or cus-

tom made. Therefore, readouts based on high sensitivity accelerometers

would then suffer if replaced with a low sensitivity accelerometer. These

challenges are rarely acknowledged in research based papers.

It is of course possible for lower sensitivity devices to still achieve

high fidelity but this comes at the cost of higher power consumption.

For example, publication in [27] and [29] are targeted for low sensitivity

devices of 1.6 and 1.2 fF/g. However power consumption for these sys-

tems is 5.2 mW and 10 mW respectively and of limited use for practical

applications16. 16 and as discussed previously, these
systems are custom dual differential
structures.In conclusion, work in the area of low power high fidelity interface

circuits bypasses the low signal problem inherent to charge balance op-

eration by choosing high sensitivity custom accelerometers whose sensi-

tivity is a large fraction of the static capacitance. This allows for the

SNR loss as shown Fig. 4.34 to be small and not adversely affect the

specifications of these circuits. The proposed architecture, by having

several gain factor knobs, can accommodate a wide range of device sen-

sitivities without sacrificing output fidelity.





5

Conclusion and Future Work

This thesis provided a theoretical development of capacitive accelerome-

ter readout circuits and detailed the problem encountered when incorpo-

rating capacitive accelerometers in feedback systems. Feedback systems

rely on an appropriately sized feedback signal within the range of the

input signal. Large differences in feedback and input signals can signif-

icantly reduce signal fidelity. This concept is rarely a design constraint

in other applications but manifests itself in accelerometer signal process-

ing. As discussed, for best fidelity, a ratiometric approach is needed for

accelerometer readouts. In this case, the input signal is the difference in

sense capacitance while the feedback signal is proportional to the sense

capacitance causing a significant mismatch in feedback and feedforward

signals that cannot readily be resolved with current architectures.

An architecture that decouples the feedback and feedforward gains

was designed and implemented through a delta sigma modulator. The

simulations and measurements confirm that the accelerometer system

proposed is robust and reduces harmonic outputs below the noise floor

without the need for look-up tables or other complex techniques.

The main contributions of the thesis can thus be summarized as fol-

lows:

• A direct digital architecture that is ratiometric and charge balanced

and allows for flexibility in adjusting the gain of the feedback sig-

nal relative to the input signal. Variants of this technique are now

employed by other researchers [77] [78].

• A technique for differential readout making use of half-bridge interfac-
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ing and adaptation to pseudo differential output through chopping.

The technique has been adopted recently and analyzed in [79].

• A simplified testing procedure for accelerometers through the use of

a step motor and master-slave programming.

Having proven the concept of the system, several improvements can

be made to this architecture for future designs. These include:

1. Multibit DAC

Although the structure of the proposed system does not allow for

multi-bit DACs due to linearity issues, a 1.5 bit DAC is possible.

In this case, the high and low outputs function as before, but there

is a midband range where we do not do anything. This three level

DAC would still be inherently linear but the extra half bit lowers

quantization noise at the same power consumption.

2. Automatic Gain Control

The flexibility discussed in this system has been performed manually

by adjusting capacitor values and reference voltages. An extension

of this work is to build a full ADC (DSM and decimation filter) and

use the output to automatically adjust the gain of the circuit for

maximum fidelity.

3. Common Mode Voltage Testing

In Section 3.5.4, we discussed that since the output of the charge-to-

voltage converter is proportional to the input reference voltage, then

a higher reference voltage would result in better signal fidelity. This

higher signal voltage, however, has to be accompanied by a higher

common mode voltage for the front-end accelerometer. These tests

were hard to perform due to the limited acceleration force and equip-

ment at hand. Future work in this area would require use of more

advanced equipment (higher g forces) to confirm the simulations in

this area.

4. Accelerometer Modeling and Testing

In all our simulations, we have assumed a basic model of the ac-

celerometer and then added non-linearities. These non-linearities
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generally involve using nonlinear models of damping factor and spring

constant. The proposed system had a MUX and a buffer placed at

the output of the charge-to-voltage converter that can be used to

characterize the accelerometer and test the validity of models used in

simulations.





A

Circuit Level Designs

A.1 Op-Amp Design

Op-amp design is influenced by many factors1. This includes the proper 1 Strictly speaking, the correct term to
use is OTA or operational transconduc-
tance amplifier as we will not be mak-
ing use of an output buffer

transistor sizing, gain and bandwidth requirements, and topology choice.

These factors are all considered in this section.

A.1.1 Transistor Sizing

The first major design choice in op-amp design is making use of correct

transistor sizes. There are two parameters that influence transistor sizing

in analog design: the intrinsic gain and intrinsic speed. The intrinsic

gain of a MOSFET is the maximum gain of a single transistor using a

simulation (and test) setup as shown in Fig. A.1.

gsmvg
dsrgsv

gsC

gdC

dbC

Current Source Load
(High Resistance)

outv
inv

GSV

outvinv

Figure A.1: Test setup for determining
the intrinsic gain of a transistor.

Using the above figure, the maximum gain at low frequencies is given
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by

Av = gmrds (A.1)

= 2ID
Veff

1
λID

(A.2)

= 2
λVeff

, (A.3)

where Veff is the effective or overdrive voltage and λ is a technology de-

pendent factor that is weakly inversely proportional to length L. There-

fore, to a first order, the gain of a transistor is independent of the current

and inversely proportional to the effective or overdrive voltage and pro-

portional to the length L. We can increase overdrive voltage by either

increasing the size ratio of the transistor or decreasing the current ID.

Given the above, we would also like to have a metric that measures

the speed of a single transistor. The metric is simulated by the circuit

shown in Fig. A.2. It is the frequency at which the transistor has unity

current gain.

gsmvg
dsrgsv

gsC

gdC

dbCinv

GSV

outD iI 
outi

ini
ini

Figure A.2: Test setup for determining
the intrinsic speed of a transistor.

From Fig. A.2, if the magnitude of the AC current goes up with

frequency, the output impedance reduces by 1/jωC and we need more

current to charge and discharge the capacitor. Eventually, at some point,

as we sweep the frequency, the input and output current are equal and

then we are putting as much AC current into the transistor as we are

getting out2. We can, therefore, use this frequency as a proxy for what 2 At which point we may ask what is
the point of having a transistor?

is the fastest speed for which the MOSFET does something useful. It
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can be shown that this frequency is approximately equal to

ft ≈
gm

2π(Cgs +Cgd)
, (A.4)

where Cgs is the gate source capacitance and Cgd is the gate drain ca-

pacitance of the MOSFET. Using a formula for gm in terms of transistor

size and effective voltage, we have

ft ≈
µnCox(W/L)Veff
2πCoxW (2/3)L

≈
3µnVeff

4πL2 . (A.5)

According to Eq. (A.5), speed is inversely proportional to length L

and proportional to Veff which confirms our original intuition. There-

fore, to increase intrinsic speed you either increase L or increase Veff .

You can increase Veff by either driving more current into the transistor

or reducing W3 3 There is a limit to this of course. At
some point, with large enough Veff
(and subsequently Vds to stay in the ac-
tive region), we get to mobility degra-
dation and then gm becomes a con-
stant.

Therefore, the intrinsic gain expression is telling us that we get maxi-

mum gain at low Veff and low λ. The intrinsic speed equation tells us to

increase Veff . Clearly, there is an optimal width that would maximize

the product of the intrinsic gain and intrinsic speed and this is often

used as a metric to choose an optimal size for transistors.

Intrinsic speed, however, as defined above is dependent on parasitic

capacitances only and there are many circuits that are not limited by

parasitic capacitances. In most switched capacitor circuits, for example,

the load that we are driving is generally large 4. In these applications, 4 Determined, among other things, by
noise requirements

changing the size of the transistor is not going to make a big difference

to the speed. In other words, the savings that we get by reducing the

parasitic capacitances of transistors would be trivial compared to the

load that we have to drive.

As such, for the transistor sizing for the proposed application, only

the intrinsic gain parameter will be used. To do this, we plot a graph

of the transconductance per unit of current or gm/ID versus a size ratio

W/L while sweeping the effective voltage. This is shown for an NMOS

in Fig. A.3 with W = 3 µm and L = 600 nm.

From Fig. A.3, we can see that for Veff = 165 mV, the maximum

transconductance per unit of current is achieved. Increasing the size of
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Figure A.3: Transconductance per unit
of current versus effective voltage for
an NMOS. Sizing for the transistor is
W = 3 µm and L = 600 nm.

the transistor beyond this has diminishing returns. For completeness,

the PMOS transistor sizing is shown in Fig. A.4 showing a Veff = 140

mV as achieving the best tradeoff.

Figure A.4: Transconductance per unit
of current versus effective voltage for a
PMOS. Sizing for the transistor isW =
3 µ m and L = 600 nm.

These sizes will later be used for amplifier designs. For example, we

know the bandwidth of a two-stage op-amp is given as

BW = gm
Cc

, (A.6)

where Cc is the compensation capacitor and gm is the transconductance

of the input stage. Knowing the bandwidth requirements from settling
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time behaviour and an approximate value for the compensation capaci-

tance, a gm value can be obtained. Knowing the gm value, we can then

obtain a power efficient current by using the formula

gm = 2ID
Veff

, (A.7)

where Veff is a power efficient voltage obtained by graphs similar to

Fig. A.3 and A.4. The current then can be used as a first pass to solve

for transistor ratio by using the equation of the MOSFET in saturation

W

L
=
µnCoxV

2
eff

ID
. (A.8)

The sizing for a transistor is more of a heuristic argument. We know

that intrinsic gain is inversely proportional to λ and λ is proportional

to 1/L. Therefore, for analog design we often do not use minimum size

transistor and choose lengths that are two or more times the minimum.

We cannot generalize too much, however, because the larger length also

results in more parasitic capacitance and for high speed applications this

may be detrimental. For sensor applications, bandwidth requirements

are quite tame, and a size of five times the minimum length, or 600 nm

has been used. The width size is then chosen to be 5− 10 times larger

than the length for layout purposes5. 5 In this case, we have chosen a width
of 3µm for all transistors.

For any given design, we may have several “unit” size transistors that

are chosen based on the above analysis. We may choose a transistor

that is two times the length, one that is five times the length and so on.

The number of unit size transistors is then given by the size obtained

by equations above and rounded up or down to a whole number6. 6 Square law equations are not accurate
at small node sizes such as 0.13 µm so
this rounding should not worry us. De-
signs must be validated by simulations
regardless.A.1.2 Gain

There are several factors that determine the gain that is required for

op-amps at different stages of the ∆Σ modulator. These factors are

reviewed here with the end goal of choosing a topology and specifications

for op-amps in the design. As will be shown, only certain factors place

a constraint on gain.

The finite gain of the op-amps changes the transfer function of the

integrators by moving the pole locations7 and therefore, changes the 7 Pole locations of integrators then de-
termine the zero location of the noise
transfer function
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behaviour of the delta sigma loop. The loop can normally tolerate some

change, but how much can be tolerated depends on design and type of

loop used. In this case, extensive simulations must be performed to make

sure the performance of the system is met. To analytically determine

whether the gain of the amplifier will be significant, we can relate it to

the bandwidth of the system given as

Bandwidth = 2πfB

= 2π fs
2 ·OSR

= π
fs

OSR
, (A.9)

where fB is the system bandwidth, fs is sampling frequency and OSR

is the oversampling ratio. If we take a simple integrator, and assume

that the op-amp gain is finite, then we can show that the pole of this

integrator will be equal to

zp = 1− 1
A

Ci
Cf

. (A.10)

A logical but still heuristic argument is then to surmise that we would

like the poles of the integrator to be within the bandwidth of the system.

Otherwise, the zero of the NTF will be outside the band of interest and

degrade the noise shaping property of the loop. Based on this, we can

write the gain requirement as

A >
Ci
Cf

OSR

π
. (A.11)

For a typical value of Cf = 400 fF and Ci = 100 fF, this indicates a

gain of 32 dB which is relatively easy to achieve with two stage op-amp

topologies. These insights can also be confirmed through simulations.

Therefore, in general, the gain of integrators are not a limiting factor.

The gain of the DAC and converter op-amp, however, require more

stringent specifications because they serve as the signal conditioning

blocks for the input and feedback DAC. In a regular modulator, the

input is directly sampled onto the first integrator. In the proposed ar-

chitecture, the input must first be made available through a charge-to-

voltage converter. In a regular modulator, the feedback DAC gain and
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offset error are not detrimental to the output fidelity. In the proposed

architecture, the output of the DAC is proportional to one of the sense

capacitors and it must closely match the input difference in sense ca-

pacitors. As such, gain error is a limiting factor for both the input and

feedback op-amps. The gain error can be given as

Gain Error = 1
1 +Aβ

, (A.12)

where β is the feedback factor and A is the open loop low frequency gain

of the amplifier. Since inputs to the first stage amplifier feed directly to

the output 8, then if we are aiming for n-bit resolution, then gain error 8 The signal transfer function is 1.

has to be less than 1/2n. This translates to an open loop gain of

A >
2n

β
. (A.13)

Applying this equation to the first stage amplifier we have:

A > 2n
Cf1

(Cf1 + Cp1 + 2Cs)
. (A.14)

where Cp1 is the parasitic capacitance at the inverting node of the op-

amp. As we will show later, the parameter Cf1 will determine the noise

contribution and signal power but it also has an effect on gain error as

shown above. A compromise has to be made between gain error of the

front end and the noise contribution as determined by Cf1. The chosen

value 9 is 800 fF. 9 as shown later in the noise section

A.1.3 Bandwidth and Current Requirements

The bandwidth requirement of the op-amp depend on the settling time

requirements. For a switched capacitor circuit, the op-amp must be

designed to settle within the required error for all clock phases. For

the proposed architecture, the integration or gain phase are the worst

case scenarios. In the gain stage, the switched capacitor circuit has the

structure shown in Fig. A.5.

A properly compensated op-amp can be approximated as an integra-
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outV

1fC

−

S
C

+

S
C

Figure A.5: The amplification phase
of the feedforward and feedback stage
used for settling analysis.

tor with transfer function

A(s) = gm
SCo

, (A.15)

where gm is typically the transconductance associated with input stage

transistors and Co is either the Miller compensation capacitor or the

equivalent load capacitance at the output of a one stage op-amp. Ac-

cordingly, the closed loop system of Fig. A.5 will have a pole given by

S = −βgm
Co

. (A.16)

This will in turn give rise to an exponential settling time behaviour

given by the time constant

τ = Co
βgm

, (A.17)

and consequently for n-bit settling we require

e
−t
τ < 2−(n+1)

t > (n+ 1) ln(2) . (A.18)

With a clock frequency of fs, we have a period of Ts and half of the

period is normally designated for each phase. Therefore, we would need

to settle within Ts/2 but to give ourselves some margin, we may increase

this to Ts/4. As such, the frequency requirements for the op-amp is given
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as

τ <
Ts

4 ln(2)(n+ 1)
Co
βgm

<
Ts

4 ln(2)(n+ 1)

gm >
4 ln(2)(n+ 1)Co

βTs
. (A.19)

The value of Co can then be determined from noise analysis as shown

in the next section.

A.1.4 Noise analysis

Noise analysis on the delta-sigma loop combined with settling time be-

havior allows us to get a tolerance on the capacitor values needed for

the system specifications (SNR). It is convenient for the proposed archi-

tecture to choose the input of the first integrator as the point to refer

all noise sources 10. The total noise is then given by the contribution of 10 This is how generally the design of
a “normal” delta sigma is performed.
The difference here is that our input
needs to be conditioned first whereas
in a delta-sigma, we are assuming that
a signal is available at the appropriate
level - a level close to the power sup-
plies taking into consideration stability
of the modulator.

the capacitance to voltage converter, DAC and the first integrator and

reduced by the oversampling ratio OSR. Accordingly, we can write

V 2
total≈

V 2
conv + V 2

DAC + V 2
int

OSR
′ (A.20)

Any noise after the first integrator is heavily attenuated by the high

gain of the first integrator as well as the noise shaping property of the

delta-sigma loop [67] and can be neglected.

The noise bandwidth plays a large part in determining the total noise

for any of the above stages. In the integration or amplification phases,

this noise bandwidth is a combination of the switch resistance and op-

amp transconductance [72]. For the following derivations, it is assumed

that, by design choice, the noise bandwidth is dominated by that of the

op-amp as would be the case for a power efficient design. As such, noise

due to the switches that are band limited by the op-amps are considered

small compared to other terms and neglected in the following analysis

for simplicity.

Accordingly, for the capacitance to voltage converter, the total noise
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at the input to the first integrator is given by

V 2
conv≈

[
kT

Cf1
+

16kTnf
3gm1

β1gm1

4Co1

(
1+2Cs+Cp1

Cf1

)2 ]
, (A.21)

where k is Boltzmann’s constant, T is temperature in Kelvins, β1 =

Cf1/(Cf1 +Cp1 + 2Cs), Cp1 is the parasitic capacitance at the inverting

stage of the op-amp, gm1 is the transconductance of the converter stage

op-amp as determined by the settling time requirements and nf ≥ 1

is a noise factor for the converter stage op-amp that depends on the

architecture of the op-amp used.11 11 A single stage differential pair op-
amp would have a noise factor of 1.

The term Co1 requires further explanation. It is the effective load

capacitance that limits the bandwidth of the op-amp. For a Miller com-

pensated op-amp, Co1 is equivalent to the compensation capacitor Cc.

For a single stage op-amp, it is the load capacitance given by

Co1 =
(2Cs +Cp1)Cf

2Cs +Cf1 +Cp1
. (A.22)

Similarly, for the DAC feedback stage, the total noise due to the DAC

switches and op-amp is given by

V 2
DAC≈

[
kT

Cf2
+

16kTnf
3gm2

β2gm2

4Co2

(
1+2Cs+Cp1

Cf2

)2 ]
, (A.23)

where β2 = Cf2/(Cf2 + Cp1 + 2Cs), Co2 is the effective op-amp load,

and gm2 is the transconductance of the DAC op-amp.

Finally, the integrator noise is given by

V 2
int≈

(
kT

C1
+ 4

3
kT

Co3
nfβ3

)
, (A.24)

where β3 = Cf3/(Cf3 + Cp2 + C2 + C1), Co3 is the effective op-amp

load, gm3 is the transconductance of the integrator op-amp and Cp2 is

the parasitic capacitance at the inverting input of the integrator.

Regardless of the op-amp topology, the load capacitance in the form

shown in Eq. (A.22) or the Miller compensation capacitance will be

of the same order of magnitude. This is because in both cases, the

capacitance determines the dominant pole of the op-amp. As such, in

the analysis that follows, we will make use of Eq. (A.22) 12 which allows 12 and it’s variants for the DAC and in-
tegrator stage

us to determine the tradeoff between the various capacitance values.
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Brownian Noise And Limitations of Oversampling

Brownian noise is the name of the thermal noise associated with me-

chanical structures and given by

a2
nb = 4kBT

9.82m2 , (A.25)

where anb is noise force in units of gravity (1 g = 9.8 m/s2). Although the

noise is broadband much like thermal noise, the accelerometer’s second

order system filters this noise to a few KHz as determined by the natural

frequency of the mechanical system, ωn. As a result, oversampling in

the electronic front end has limited effect on the Brownian noise. This

is demonstrated in Fig. A.6.

Figure A.6: Sampled mechanical ther-
mal noise spectrum. Oversampling of
thermal noise can have minimum effect
depending on sampling frequency.

For the accelerometer used (ωn ≈ 4 KHz), the sampling frequency of

64 KHz is well beyond the bandwidth and as such, oversampling has a

negligible effect. Therefore, the mechanical noise as given by Eq. (A.25)

contributes entirely to the total noise of the system and is not reduced

by the oversampling ratio.

Total Noise

Based on the above discussion, the total noise of the system is given

by the orthogonal combination of the Brownian noise and the electronic

noise. The thermal noise will be reduced by the oversampling ratio, but

as we have just discussed, the Brownian or mechanical thermal noise

will not be. As such, we can write the total noise at the input of the



162 a variable gain direct digital readout system for capacitive inertial sensors

first integrator as

Total Noise = 4kBT
9.82m2

(
2Cs
Cf1

)2
+ V 2

conv + V 2
DAC + V 2

int

OSR
. (A.26)

Using the above equation, we can then determine a value for Cf1, the

feedback capacitor for the feedforward (and feedback DAC) stage. The

larger capacitance lowers the output signal but also has an effect on the

total noise of the system. The feedback capacitor also determines the

gain requirements of the op-amp as discussed in the previous section.

The gain and SNDR tradeoff is plotted in Fig. A.7. Based on this plot,

a realistic value of feedback capacitor is between 400− 800 fF.
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Figure A.7: DAC and charge ampli-
fier feedback capacitance tradeoff ver-
sus op-amp gain and system fidelity.Using the value of Cf obtained above, we can then calculate the value

of gm required for linear settling as discussed in Section A.1.3. This then

leads directly to op-amp sizes given the bandwidth requirements for the

application.
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A.1.5 Single-Ended Op-Amp

Based on the gain error and noise analysis in the previous section, a

gain of 75 dB is required for the op-amps in the front-end stage. The

bandwidth requirements for the given applications are not stringent13 13 In open loop, the bandwidth is deter-
mined by the mechanical resonance of
the accelerometer which is limited to a
few KHz due to fabrication tolerances.

and as such, the architecture chosen is a folded cascode with a common

source output stage. Another reason for this choice of architecture is that

it allows us to independently set the output and input common modes

which can be beneficial given the architecture’s emphasis on flexibility

in setting the reference voltages. The op-amp at the transistor level with

sizing is shown in Fig. A.8.

Figure A.8: Front-end op-amp sizing.
Sizes shown are for the capacitance to
voltage stage. The DAC stage sizes are
a multiple of the above.
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A.1.6 Differential Op-amp

The differential version of the folded cascode plus common source output

is chosen for the differential op-amp as well. The design is shown in

Fig. A.9.

Figure A.9: Differential op-amp sizing.
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A.1.7 Common Mode Feedback

The common mode feedback for the differential amplifier is shown in

Fig. A.10. The difference in the current output DC component com-

pared to an ideal reference is sampled onto capacitor C1. This value is

then used to update the output voltage. Note that C2 purpose is only

to dampen the charge placed onto C1 for updates to have a smoother

transition.

2

1

1

2

2

1

1
2C1C 2C 1C

2


outV 
outV

cntrlV1PV 1PV

refcmV , refcmV ,

Figure A.10: Common mode feedback
circuit.
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A.2 Clock Generation

Clock generation for the present application is extremely important

given the many phases required. The overall functionality of the sys-

tem highly depends on error free clock signal generation. This sections

details the necessary steps in creating glitch free clocks.

Feeding the clock directly from outside of the chip to a clock generator

on chip can cause many problems. To illustrate this, assume that a

clock from outside the chip is being fed into some logic14 as shown in 14 that will create the none-overlapping
clocks

Fig. A.11. This is a poor method of clock generation as shown in the

timing diagrams.
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Figure A.11: A poor method of clocking
between two domains.

Referring to Fig. A.11, assume that the flip flops are triggered on

the rising edge and there is a transition on node X. This transition

propagates to nodes Y1 and Y2 but due to the different logic that each
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signal path goes through, one signal is delayed compared to the other.

Now assume that CLK2 then triggers the signals between the delay.

Therefore, Q1 and Q2 resolve to different values and for a whole clock

period Q1 and Q2 are different when they should have been exactly

the same. This error essentially arises from the fact that the two clock

signals are asynchronous. Even if the clocks were from the same source,

delays in their paths can cause this problem.

To solve this issue, we can add a flip flop as shown in Fig. A.12, and

delay the signal X by one clock cycle. This will fix the asynchronous

problem just discussed but will lead to another problem.
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Figure A.12: An improved clock gener-
ation scheme.

Assume that X1 and X2 are going through separate logic delays and

as such, a glitch occurs as shown in the timing diagram of Fig. A.12. As

a result, CLK2 may sample the result in the region of the glitch and

cause an error. So how do you get rid of this problem? You have to

make sure that you never get a glitch on the node X and we do this by

adding another latch. Therefore, by having a latch before and after the

domain transition (on-chip and off-chip), we eliminate the possibility of

either of the above described errors.
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Figure A.13: Further improvement to
clock generation.

The last issue is metastability and this is an issue that you can never

eliminate but you can reduce it. The issue is shown in Fig. A.13. As

with any digital signal, clocks do not have infinite rise and fall times.

As such, nodes such as X also have finite rise and fall times. If CLK2

happens to catch node X in a transition, then node Y will either toggle

up or down because it has been sampled in the middle of a transition15. 15 In other words, the setup time of the
latch has been violated.

It does not matter how the node is resolved, we need to make sure that

one is chosen before the next clock trigger. However, as before, since Y1

and Y2 have different delays, a situation could arise where the flip-flops

will resolve one to a high value and the other resolves to a low value.

The solution is then to clock node Y again to make sure that it gets

resolved. So we add another flip flop at the second clock domain. This

does not solve metastability but now, flip flop 1 can sample in the middle

of a transition, but flip flop 2 will then allow another full cycle for the

signal to resolve the output. You can also add a third flip flop to give

even more time for any metastability to resolve but generally two is

enough16. 16 But one is not enough!

Based on the above discussion, the clocks for the systems are gen-
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Figure A.14: Final solution for clock
distribution between two domains.

erated from a single clock as shown in Fig. A.15. We feed in a clock

that is 16 times our sampling frequency. The reason for this is that the

DAC feedback requires clocks to be 4 times faster, and by the above

reasoning, we require 3 flip flips before hand to eliminate errors and

reduce metastability. The logic gates generating the clock phases may

seem complicated but they are simply using differences in signal paths

to create none-overlapping clock phases.
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A.3 Comparator Design

Comparators for delta sigma modulators with a one-bit quantizer do

not have rigorous requirements on noise or offset since the output is

only being placed onto two levels. As long as the offset and noise is

not time varying or input dependent, then the noise shaping property

of the loop is preserved by the quantizer. The major criteria is then to

choose a low power comparator for the present application . As such,

we make use of a dynamic comparator with zero static current [80].

The design is shown in Fig. A.16. In φ1, the capacitor Cin is charged

to the difference in the input value compared to a reference17. The 17 a good choice for the reference is half
the supply voltage as this maximizes
the output swing of the last integrator.output is then compared to the input and a regenerative latch resolves

the difference. The choice of capacitors influences the offset error and

power consumption as the loading of the capacitors directly increases the

output power of the integrator stage driving it. In this design, Cin =

Cref = 150 fF.

Figure A.16: Schematic of dynamic
comparator used in the delta sigma
modulator.
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Noise Simulation

B.1 Introduction

Noise simulation in CAD tools is a very circuit dependent. If a cir-

cuit is linear, then noise analysis can be performed by linearizing the

system around an operating point and performing AC analysis around

this operating point. However, for switched capacitor circuits, since the

steady state is always changing between two or more phases, lineariza-

tion around an operating point does not work. A solution to this is to

use periodic steady state (PSS) and PNOISE simulation. The details

of these setups are not discussed within here, but as the name suggests,

periodic steady state assumes that a circuit has steady states in certain

periods. A settling time is allowed for these states, and the noise taken

at each period during the steady state.

PSS+PNOISE will often be more efficient way of simulating the noise

in a periodic circuit. For delta-sigma ADC’s, the circuits are neither

linear or periodic. A possible solution to this is to use quasi-period

steady state (QPSS) followed by QPNOISE simulation. These kind of

simulations would require the linearization of the delta sigma loop [81].

B.2 Transient Noise Setup

If a circuit has a large signal response to the noise, then QPSS and

QPNOISE can often be inaccurate or may not converge at all. This is

the case with delta sigma ADCs where the noise has an influence on

the loop. As such, transient noise simulation is a technique that can be



174 a variable gain direct digital readout system for capacitive inertial sensors

used for any circuit and results can be trusted more readily. Even if the

steady state noise technique is used, designers are advised to confirm

this with a transient noise simulation. The parameters for the transient

noise using the Cadence Spectre simulator are chosen as follows:

• Noise Fmax: This parameter sets the maximum frequency that the

circuit can expect. With Fmax, the noise density at the Fmax is cal-

culated1 and this noise is then treated as white noise at all frequencies. 1 Using all noise generating devices

Due to noise folding that is often prevalent in switched capacitor

circuits, a good rule of thumb is to choose this parameter to be 5X

to 10X the corner frequency of the fastest op-amps in use. Since

this parameter greatly affects simulation time, it is worthwhile to

perform multiple simulations with different Fmax values and compare

the output noise. The result is then used to choose an optimal value

of Fmax that minimizes the simulation time and is fairly accurate.

• Noise Fmin: If it is desired to have coloured noise such as flicker

noise in the simulation, then this is set by the parameter Fmin. With

Fmin set, the simulator will include coloured noise between Noise

Fmax to Noise Fmin.

• Noise Seed: This is a parameter that sets the noise random gener-

ation. Choosing the same seed for the same circuit should (all else

being equal) result in exact same output. Leaving this parameter

blank results in different transient for each invocation of the simula-

tion.

• Noise Scale: This parameter scales the noise level by the factor

given. It can be used as a way to overdesign, for example, in a case

where the noise models are thought to be over-simplified.

• Noise Tmin: This is the time step between noise source updates

and set to by default to 0.5/(Noise Fmax). Smaller values produce a

more smooth noise profile but also greatly increase circuit simulation

time.

• Noise Update: This sets the evaluation time of the bias-dependent

device noise sources (such as MOSFETs) to a certain step length



noise simulation 175

defined by Noise Tmin parameter (Step option) or the maximum noise

frequency (Fmax). For a switched capacitor circuit, a step length of

1/10 the sampling frequency may suffice and choosing a correct time

step can greatly reduce simulation time.

• Noise Contributors: This parameter can be used to set or disable a

certain set of noise sources in the schematic. It is useful for debugging

purposes in determining noise contribution from different sources.





C

Other Measurements

C.1 Cross Sensitivity Testing

Cross sensitivity testing measures the response or sensitivity of the sen-

sor to an acceleration in an orthogonal direction. The purpose of these

tests is two fold:

• It confirms that there is enough isolation between an accelerometer

axis to not cause errors in other directions.

• For the particular test setup, it confirms that harmonics seen at higher

frequencies are due to background mechanical noise and not the input

acceleration force.

There are four cross sensitivity measurements performed: x-y, y-x,

z-y and z-x. The first letter refers to the direction of measurement and

the second letter refers to the direction of input acceleration force. Each

cross sensitivity is measured at two frequencies of 3.90625 Hz and 7.8125

Hz corresponding to 0.15 g and 0.6 g accelerations respectively1. For all 1 Two frequencies were measured due to
the limitation of the test equipment

tests, reference voltages are V +
ref1 = 950 mV, V −ref1 = 250 mV, Vref2+ =

625 mV, V −ref2 = 575 mV. The test results show cross sensitivity in all

directions of better than 60 dB. The environment noise components are

confirmed to be at higher frequencies and constant in all directions.
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C.1.1 X to Y cross-sensitivity

Figure C.1: X-direction cross sensitiv-
ity to acceleration in the y-direction at
3.90625 Hz with magnitude of ±0.15 g.

Figure C.2: X-direction cross sensitiv-
ity to acceleration in the y-direction at
7.8125 Hz with magnitude of ±0.6 g.
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C.1.2 Y to X cross-sensitivity

Figure C.3: Y-direction cross sensitiv-
ity to acceleration in the x-direction at
3.90625 Hz with magnitude of ±0.15 g.

Figure C.4: Y-direction cross sensitiv-
ity to acceleration in the x-direction at
7.8125 Hz with magnitude of ±0.6 g.
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C.1.3 Z to X Cross-Sensitivity

Figure C.5: Z-direction cross sensitiv-
ity to acceleration in the x-direction at
3.90625 Hz with magnitude of ±0.15 g.

Figure C.6: Z-direction cross sensitiv-
ity to acceleration in the x-direction at
7.8125 Hz with magnitude of ±0.6 g.
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C.1.4 Z to Y Cross-Sensitivity

Figure C.7: Z-direction cross sensitiv-
ity to acceleration in the y-direction at
3.90625 Hz with magnitude of ±0.15 g.

Figure C.8: Z-direction cross sensitiv-
ity to acceleration in the y-direction at
7.8125 Hz with magnitude of ±0.6 g.





D

Accelerometer Theory and Principles of Operation

There are several physical processes that can be used to measure

an acceleration force and in turn velocity and position1. In general, an 1 If the acceleration force results in a
movement.

accelerometer either directly measures the acceleration or measures rota-

tion and deduces acceleration from it. In the former cases, such sensors

are called accelerometers and the principle of their operation is based on

Newton’s second law. To measure rotation on the other hand, devices

make use of what is called Coriolis force and are called rate accelerom-

eters or gyroscopes. Readout circuits for gyroscopes are not discussed

in this thesis although some concepts can be extended. Our focus is

therefore accelerometers and their operation. In the following deriva-

tion, the force to be detected is due to an accelerating object; however,

an external force may not necessarily be the result of an acceleration2. 2 For example, an object placed on a
table experience a force of 1 g due to
the Earth’s gravity but clearly it is not
accelerating because it is stationary.

D.1 Development of the Accelerometer Model

An accelerometer is often modeled as the ubiquitous mass connected

to a spring and attached to a casing as shown in the Fig. D.1. Most

literature will then delve into the analysis of the accelerometer by writing

equations for this mass-spring system. However, it is more intuitive to

treat the accelerometer as a black box and try to develop the need for

the spring-mass system.

Figure D.1: Accelerometer modeling
using a mass and spring.

We begin our analysis by assuming that the accelerometer (for now

treated as a black box) is placed on an object which is undergoing an

acceleration af . We are interested in measuring the acceleration of the
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object and in turn use this information to obtain the velocity as well as

the position in order to make certain observations about our environ-

ment. Therefore, we want to know from first principles what should be

placed inside the shaded region of Fig. D.2.

Figure D.2: A black box accelerometer
undergoing acceleration.

We may wonder that perhaps the accelerometer can simply be a solid

block of material. To test this hypothesis, we look at the forces being

exerted on the object and the accelerometer using the familiar Newton’s

laws and try to deduce the acceleration af . We can look at the ac-

celerometer and object under acceleration in two ways: as one object

or as two separate objects [82]. Since we are ultimately interested in

the forces exerted on the accelerometer, a two object approach is more

useful.

According to Newton’s second law, if an object is experiencing an

acceleration, af , then a force of m · af must be acting upon it. The

accelerometer, however, will also exert a force on the object of opposite

polarity. The forces acting on the object under acceleration can be given

as

Fapplied − Faccelerometer = mobject · af . (D.1)

At the same time, the forces acting on the accelerometer dictate that

Faccelerometer = maccelerometer · af . (D.2)

We can combine Eq. (D.1) and (D.2) to find the acceleration as

af =
Fapplied

maccelerometer +mframe
. (D.3)
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This equation, however, is not useful. To find acceleration, we need

to know both the mass of the object and the force being applied to it.

But if we know these terms, then we already know the acceleration.

Therefore, clearly having an accelerometer that is a block of material

does not provide any useful information.

Then how can we determine the acceleration of an unknown object?

The solution is to place within the casing of the accelerometer another

mass with the weight of m. For the moment, assume that this mass is

not attached to the casing and is free to move. When the object attached

to the accelerometer accelerates, the mass, according to Newton’s first

law, will remain stationary and move to one side of the casing where

the wall then provides the necessary force to accelerate the object at the

rate as the frame. If friction is taken into account, not much changes,

as friction provides an additional force to accelerate the object. This

situation is still not useful for measuring the acceleration.

Now assume that we attach a spring to the mass, and attach the spring

to the casing of the accelerometer. Now, when the casing accelerates,

the spring will advance to provide the necessary force on the mass to

accelerate it as shown in Fig. D.3.

Figure D.3: Accelerometer modeled
with a mass and spring undergoing ac-
celeration. Notice that for analysis, we
assume a frictionless surface.

As it can be seen, the mass has moved by ∆x to the right side, and

the spring has stretched. In this case, the force on the seismic mass must

be equal to the force of the spring give by Hooke’s law. Therefore, we

can write that

ma = −k∆x . (D.4)

We can generalize the above equation by assuming that the accelera-

tion is some variable of time and making a change in variable by letting

x = ∆x. Therefore,

ma(t) = −kx(t) , (D.5)

and knowing that the acceleration is a second derivative of position we

have

m
d2x(t)
dt2

= −kx(t) . (D.6)

For better visualization, we will use the dot format to represent the

first and second derivatives and drop the time notation such that time

will be implicitly implied with the equation. Thus our equation becomes
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mẋ+ kx = 0 . (D.7)

We have finally arrived at an equation that relates the acceleration

of an object (table) to the mass of the accelerometer to which to object

is attached to3. This is a second order homogeneous linear differential 3 we do not know the mass of the ob-
ject, but we certainly know (or should
know) the mass of the device we attach
to the object to detect its acceleration

equation and what remains is to solve the equation for an answer. Re-

calling techniques for solving LDE’s, we begin by writing the auxiliary

equation for Eq. (D.7), mainly

mr2 + kr = 0 . (D.8)

The roots of the auxiliary equation are r = ±ωni, where ωn =
√

k
m .

Since the roots are imaginary, then the general solution for the equation

is

x(t) = C1 cos(ωnt) +C2 sin(ωnt) , (D.9)

where C1 and C2 are arbitrary constant that are dependent on the initial

conditions (location and velocity of the internal mass at t = 0). We can

write the above equation in a more compact form as

x(t) = A cos(ωnt+ φ) , (D.10)

where

A =
√
C2

1 +C2
2 , (D.11)

and the phase angle φ satisfies

cos(φ) = C1
A

, (D.12)

sin(φ) = −C2
A

. (D.13)

An astute reader may be puzzled by Eq. (D.10) and rightly so. What

Eq. (D.10) indicates is that any initial force that moves the mass from

its initial position will cause the mass to oscillate with frequency ωn

indefinitely. The input only affects the maximum amplitude that the

mass achieves or in other words, the values of C1 and C2.

This type of motion is known as simple harmonic motion and al-

though mathematically correct, it does not have a bearing in the real
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world. Something is missing from our original equation. The reader

may quickly guess that what is missing is the friction that the mass will

face with the air or fluid and/or the surface with which it is encased

in as it oscillates back and force. This friction tends to “dampen” the

oscillation until it completely stops. We call this force the damping force

and model it as a linear dependence on velocity according to

damping force = −bdx(t)
dt

. (D.14)

To model the air or fluid friction, we introduce a dashpot to the

system. The dashpot is in fact a physical device used and modeled in

many mechanical systems. In this particular case, it is meant to act as

a model for the resistance that the mass faces. Our new model is shown

in Fig. D.4.

Figure D.4: Complete accelerometer
model with a mass, spring and dash-
pot.

Although in Fig. D.4 we have made the dashpot coefficient b a con-

stant, this is only an approximation and in general, the air for fluid

damping is dependent on many factors including the range of input vi-

bration expected. A more general formula for the damping is then given

by [83] [84]

b(x) = µA2
[

1
(d1 − x)3 + 1

(d2 − x)3

]
, (D.15)

where x is the mass deflection, d1 and d2 are the distance from the mass

to each electrode, µ is the viscosity of air and A is the area of the plates.

For our purposes, however, a constant will suffice at this point in time.

D.2 Unforced Vibrations

If we apply newton’s second law again to the accelerometer only, then

it will have a restoring force caused by the spring and a damping force

caused by the dashpot. Assuming for now that there is no external force

being applied, we can write

m
d2x(t)
dt2

= restoring force + damping force , (D.16)

= −kx(t)− bdx(t)
dt

. (D.17)

Therefore,

m
d2x(t)
dt2

+ kx(t) + b
dx(t)
dt

= 0 , (D.18)
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or in dot notation

mẍ+ bẋ+ kx = 0 . (D.19)

The equation above is a second order homogeneous equation that is

prevalent in many fields of engineering and used to model a wide variety

of phenomena. The solution to the equation again requires looking at

the characteristic equation, in this case

mr2 + br+ k = 0 . (D.20)

And the solution is therefore given as

r1 = −b+
√
b2 − 4mk

2m , (D.21)

r2 = −b−
√
b2 − 4mk

2m . (D.22)

Depending on the value of b2 − 4mk three situations are possible.

These situations are discussed in the next few sections.

D.2.1 b2 − 4mk > 0 - Overdamped system

In this case, the response of the system is given by

x(t) = C1e
r1t +C2e

r2t . (D.23)

The response of the above system will be such that the output am-

plitude of the mass drops rapidly from its initial position. This is a

desirable effect in systems that are vulnerable for excessive vibrations.

D.2.2 b2 − 4mk = 0 - Critically damped

In this case, the characteristic equation simplifies to

r1 = −c/2m , (D.24)

and the response of the system is given by

x(t) = (C1 +C2t)e−b/2mt (D.25)

This response is similar to overdamped systems with vibrations de-
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creasing initially and then increasing slightly before a final decay. This

is desirable and as will be shown later, the step response is also well

behaved in this case.

D.2.3 b2 − 4mk < 0, Underdamped system

The response of the system in this case is given by

x(t) = e−
b

2m t

[
C1 cos

(√
4mk− b2

2m t

)
+C2 sin

(√
4mk− b2

2m t

)]
.

(D.26)

The response of the above system has ringing associated with it. Al-

though the amplitude of vibration decays continuously, the mass remains

in an oscillatory motion for an indefinite amount of time. This situation

is the least desirable as far as mechanical design is concerned and the

step response is also equally undesirable.

D.3 Forced Vibrations

The previous section dealt with the initial conditions associated with the

inertial mass. Regardless of which position the mass starts at, eventually

the displacement will decay to zero. The more interesting case for us is

when the accelerometer, in addition to the restoring and damping force,

is also undergoing an acceleration force F (t). The acceleration force is

what we are interested in determining when using an accelerometer.

Making use of Newton’s second law once more, we can write

mẍ+ bẋ+ kx = F (t) . (D.27)

The equation above is still a linear second order differential equation

but now it is non-homogenous. From basic theory, the solution to the

above equation is

x(t) = xc(t) + xp(t) , (D.28)

where xc(t) is the solution to the homogeneous equation just discussed

and called the complementary solution. xp(t) is the solution to the

above equation and is called the particular solution. There are two

methods in finding the particular solution: the method of undetermined
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coefficients and the method of variation of variables. For our purposes,

the method of undetermined coefficients suffices. In this method, we

assume a general form for the answer similar to the force being applied

to the accelerometer. A common type of external force is a periodic

force function

F (t) = Fo cos(ωt) . (D.29)

To find the solution, assume that the solution has the general form

xp(t) = A cos(ωt)t+B sin(ωt) . (D.30)

Then the first and second derivatives are

ẋp(t) = −Aω sin(ωt) +Bω cos(ωt) , (D.31)

ẍp(t) = −Aω2 cos(ωt)−Bω2 sin(ωt) . (D.32)

Substituting into the differential equation we get

m
[
−Aω2 cos(ωt)−Bω2 sin(ωt)

]
+ b [−Aω sin(ωt) +B cos(ωt)]

+ k [A cos(ωt) +B sin(ωt)] = Fo cos(ωt) .

(D.33)

Collecting the like terms we have

(−mAω2 + bBω+ kA) cos(ωt)

+(−mBω2 − bAω+ kB) sin(ωt) = Fo cos(ωt) .
(D.34)

And simplifying the above, we achieve the final general solution as

xp(t) = XP cos(ωt+ φ) , (D.35)

where

Xp =
√
A2 +B2 , (D.36)

Xp =
√
− Fo

mω2 + b2ω2
mω2−k − k

+ Fo

mω2 + b2ω2
mω2−k

bω
mω2−k

. (D.37)
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Similarly, the angle is given by

θ = arctan
(
−B
A

)
, (D.38)

θ = arctan
(

bω

mω2 − k

)
. (D.39)

The above equations will be discussed in the following chapter where

open and closed loop dynamics are discussed and a design choice is made

between them.

D.4 Accelerometer Modeling for Simulations

Accelerometer modeling is performed in Verilog-a by modeling three ex-

ternal forces. First is the actual input force that causes a displacement

as discussed in the analysis above. The basic second order model mass-

spring-damper model can be expanded to include more complex model-

ing of parameters such as damping coefficient as given by Eq. (D.15).

To more realistically model the movement of the plate, two other

external forces must also be taken into account: the noise equivalent

force of the mechanical accelerometer and the electrostatic forces caused

by the voltage on each capacitor plate. These parameters are calculated

using a feedback system as shown in Fig. D.5. The three forces are

then used to measure a displacement for both the positive and negative

capacitor. The capacitors are then updated using the basic non-linear

capacitor model given by

C±s = Cs
1± x

d

, (D.40)

where d is the displacement between the capacitors with zero input force,

Cs is the nominal capacitance and x is the displacement. Care should

be taken to correctly model the change in capacitance in Verilog-a as

discussed in [85]. Lumped elements can then be added at external nodes

to model parasitic capacitances and line resistances as needed.
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Figure D.5: Verilog-a modeling of an
accelerometer including the effect of
noise and electrostatic force.



E

System Level Analysis of Open and Closed Loop Sys-

tems

In the following sections, using the model developed in the previous

section, open loop and closed loop response of accelerometer systems

will be discussed.

E.1 Open Loop Systems Analysis

Fig. E.1 shows a capacitive accelerometer system with an interface circuit

in open loop. The steady state, frequency and transient response of this

system will give insight into design choices.

m

b

k

)(txTV VO )(txm

)(tx f

x outv

Figure E.1: Block diagram of open loop
readout systems
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E.1.1 Open Loop Steady State Response

When a constant acceleration is applied to the system, the forces acting

on the proof mass will balance and therefore, the mass is stationary with

respect to the frame. In other words, ẍ = ẋ = 0. Using this property,

Eq. (D.27) simplifies to

x

a
= m

k
. (E.1)

Therefore, displacement is proportional to the acceleration and the

sensitivity of the system is inversely proportional to the resonant fre-

quency (at DC and low frequencies).

E.1.2 Open Loop Frequency Response
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Figure E.2: Frequency response of an
open loop system with varying damp-
ing factors.

Frequency response is the output when a sinusoid (one frequency tone)

is inputted to the system. We have already developed this equation in

previous section. The sensitivity in this case can be thought of as the

frequency response and is plotted in Fig. E.2. This graph confirms that

accelerometers must be operated below the resonant frequency where

x ≈ a/ωn.

E.1.3 Open Loop Transient Response

For transient response, we make a sudden change in acceleration and see

the output response. This is also known as “step response” and given

by

x(t) = m

k
xf

[
1− eζωnt√

1− ζ2
sin
(√

1− ζ2ωt+ φ
)]

. (E.2)
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Figure E.3: Step response of an open
loop system with varying damping fac-
tors.

The transient response based on the equation above is shown in

Fig. E.3. Notice that as discussed previously, to avoid overshoot re-

quires a damping factor of below 0.5.

E.2 Closed Loop Systems Analysis

Fig. E.4 shows a closed loop system. The system has a feedforward

stage and a feedback stage. The feedforward stage is the same as one
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explained in previous section for the open loop system, where Tv is a

product of the accelerometer sensitivity and the electronic gain.

)(txTV VO 

0VTF fm

b

k

)(txm

)(tx f

x outv

Figure E.4: Block diagram of closed
loop readout systems

Due to feedback, the proof mass is virtually stationary in closed loop

systems. The output is now proportional to the feedback signal rather

than the proof mass displacement as in an open loop design. In IC’s,

electrostatic forces are used for restoring the movement of the capacitive

plate but there is two problems: the force is none-linear and is always

attractive. There are many solutions to overcome this, including the use

of pulse width modulation and pulse density modulation (PDM). PDM

feedback systems are the most common and in this case, the closed loop

system is in effect a delta sigma modulator with the sensor element being

part of the loop.

E.2.1 Closed Loop Steady State Response

As before, ẍ = ẋ = 0 in steady state and the equation for output

simplifies. However, unlike before, the system now includes the feedback

force which is ideally dependent on electronic components only according

to

ma = kx+ TfVo , (E.3)

where Tf is the gain of the feedback path. Electrical feedback force

is often much larger than the mechanical restoring force. As such, the
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above equation simplifies to

Vo = m

Tf
a . (E.4)

Therefore, this equation shows that the output voltage is independent of

the forward path gain and is inversely dependent on the feedback gain.

Therefore, the steady-state response is independent of the displacement

of the proof mass which is beneficial as proof mass displacement can

exhibit non-linearity.

E.2.2 Closed Loop Dynamic Response

The equation of motion for forced feedback systems is very similar to

open loop systems. We can write the governing equation as

mẍm + bẋ+ kx = −αx− βẋ , (E.5)

where α = Tv × Tf , the electrical feedback force per unit of displace-

ment (N/m) and is often called the electrical spring. β = Tv × γ is the

electrical damping force per unit speed (N/(m/s)) and often called the

electrical damper.

Rearranging the above we get

ẍ+ b+ β

m
ẋ+ k+ α

m
x = −ẍf , (E.6)

Eq. (E.6) can be written in standard form as

ẍ+ 2ζcωncẋ+ ω2
ncx = −ẍf , (E.7)

where ζc and ωnc are the damping coefficient and natural frequency of

the closed loop system and given by

ωnc =
√
k+ α

m
, (E.8)

ζc = (b+ β)
(2mωn)

≈ β

2mωn
(E.9)
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These equations show that the closed loop transient response takes

the same form as the open loop response with the above adjusted nat-

ural frequency and damping factor. As such, closed loop equations are

very similar to the open loop case and the graphs of sensitivity are sim-

ilar to those shown in the previous section. The difference is that the

closed loop system’s characteristics are now dominated by the electronic

components which are often better controlled and more easily changed.

This gives force feedback systems a robustness that has garnered much

interest in this area. However, the merits of closed loop systems com-

pared to their open loop counterparts is more involved than this simple

observation. A more rigorous comparison is made in the next section.

E.3 Comparison of Closed Loop and Open Loop Systems

Both open and closed loop systems can be modeled as second order

systems as the analysis in the previous section has shown. The key dif-

ference lies on the components that make up the sensitivity, bandwidth

and linearity of the system. In open loop systems, these components are

mechanical whereas in closed loop systems these are determined by the

electrical feedback components. Therefore, as a first pass, closed loop

systems appear to be more robust compared to open loop systems.

However, the comparison of these systems highly depends on the ap-

plication they are intended for. When applications are taken into ac-

count, the advantages that closed loop systems have begins to falter and

open loops system become a better choice. To demonstrate this, various

design parameters for both open and closed loop systems are discussed

separately in the following sections.

E.3.1 Noise and Dynamic range

Perhaps the biggest drawback to force feedback systems is the mechani-

cal noise of accelerometers. Both force feedback and open loop systems’

noise limit is the orthogonal combination of the mechanical noise and

the electronic noise. This in turn puts limits on the usefulness of closed

loop systems. Literature review in this area indicates that many force



198 a variable gain direct digital readout system for capacitive inertial sensors

feedback accelerometers rely on custom made bulk micromachined ac-

celerometers with large masses to bring the mechanical noise low enough

for force feedback to be useful. Therefore, although 120 dB dynamic

range systems have been reported [32], these systems require custom

made large mass accelerometers driving up costs (Fig E.5). Figure E.5: Cross sectional view of
a bulk micromachined accelerometer.
Low noise design are limited by the
mechanical thermal noise of the ac-
celerometer and require custom made
accelerometers driving up costs.

E.3.2 Damping

Apart from the mechanical suspension, open loop systems will also suffer

from other mechanical issues. Damping in accelerometers is generally

achieved with squeeze film damping and this is a function of the gas

pressure. As it can be imagined, gas damping is non-linear and highly

dependent on environmental and temperature variations. In closed loop

systems, damping can be made to be a function of the electronics.

Damping non-linearity, however, becomes an issue at large accelera-

tions which cause large displacements. For most applications, displace-

ment is a fraction of the intended design of the mechanical sensor, mak-

ing displacement non-linearity moot.

E.3.3 Flexibility

Flexibility of closed loop systems can be changed by using variable gains

in the feedback path. Traditionally, open loop systems were designed

for a specific accelerometer. The proposed system tries to mitigate this

effect.

E.3.4 Bandwidth

The bandwidth of open loop systems is set by the mechanical com-

ponents. In contrast, closed loop systems’ bandwidth can be changed

based on the electronics which can have higher frequency ranges. How-

ever, many applications for accelerometers have low bandwidth require-

ments [86] and this limitation of open loop systems may not be a limiting

factor in choosing closed loop systems.
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E.3.5 Stability and Complexity

Since closed loop systems include the second order mechanical accelerom-

eter with the electronics in a closed loop, additional poles and zeros are

encountered causing stability issues. Moreover, characterization of these

poles and zeros is difficult. Open loop systems generally do not have this

issue. Accordingly, force feedback systems are more complex requiring

additional circuitry to monitor and stabilize the performance of the loop.

E.3.6 Power Consumption

The final and the biggest drawback of closed loop systems is their high

power consumption. The necessity to continuously mitigate the force

of acceleration1 as well as additional circuitry needed for these systems 1 requiring charging and discharging of
large capacitors

makes their power consumption an order of magnitude higher than their

open loop counterparts. This is a large drawback, especially for con-

sumer applications such as smartphones where accelerometers are used

for many functionalities and battery life is a factor in marketing.

E.4 Conclusion

A rigorous analysis of of open and closed loop systems shows that the

benefits of closed loop are very application specific. A closed loop sys-

tem’s main benefit is to limit the movement of the proof mass in theory to

zero. As such, the linearity is no longer a function of the spring constant

of the mass (as it is with open loop systems) but the electronic feedback

components. Many application however require very little movement.

Looking at the datasheets of available commercial accelerometers, ac-

celerometers often operate in a range of several g’s, for example ±2 g,

±4 g or ±16 g but applications such as train hopping, or smart phone

applications require force measurement of less than 1 g and often below

0.1 g. Therefore, the benefits of closed loop or force feedback systems

only manifest themselves if an application that operates at full range

of the accelerometer exists. For many applications, this is not the case

and an open loop system’s mechanical linearity may not be the limiting

factor.

Furthermore, mechanical noise often limits the achievable fidelity of
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systems. This in turn makes force feedback systems either moot or

requiring large expensive bulk micromachined accelerometers. Finally,

power consumption of force feedback systems is well above open loop

systems making them ill-affordable for large volume consumer applica-

tions.

Therefore, open loop systems offer more incentives for commercial

production. The work presented aims to break the tradeoffs of these

systems compared to their closed loop counterparts by making them

flexible (variable gain) and improve their linearity (harmonic reduction)

without increasing power consumption or complexity.



F

Accelerometer Interfacing Options

F.1 Interfacing Types

Depending on the type of accelerometers being used, there are several

methods for interfacing. We focus specifically on differential accelerom-

eters consisting of a movable proof mass and a set of fixed electrodes.

The simplest type of interfacing is known as the half bridge structure as

shown in Fig. F.1.

Figure F.1: Half bridge interfacing with
a differential accelerometer by driving
the static plates. Note that the out-
put of this structure is single-ended and
techniques are needed to transform the
signal to differential.

In this implementation, the fixed electrodes shown by the blue and
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orange metal layers on the left hand side are connected to a modulat-

ing signal. For simplicity, the modulation signal is a sinusoidal signal

for analog implementation but can be changed to a switching network

if a switched capacitor readout scheme is being used. This structure,

although popular, can only lead to single-ended outputs and therefore

techniques are required to make the output differential [87].

To make the system differential or a full bridge, several techniques can

be used. One method would require access to a differential accelerometer

with two sets of sense capacitors [88] [89]. A generic version of this setup

is shown in Fig. F.2.

Figure F.2: Full bridge interfacing with
a dual differential accelerometer.

This structure is robust, but we often do not have access to a differential

accelerometer with two sets of sense capacitors.

Another option that is often used to create a full bridge structure is

to employ a set of fixed capacitors along with the sense capacitors to

create what is known as a pseudo full bridge [90] as shown in Fig. F.3.

One issue with this structure is that the reference capacitors must be

very close to the sense capacitors (at rest) which often requires the use

of programmable reference capacitors, adding to circuit complexity.

A final approach is to use the middle electrode of the accelerometer

to drive the capacitive sensors and use the other electrodes as the dif-

ferential outputs. The issue with this setup is that the input common

mode is not well defined and any mismatch can cause the output to sat-

urate to the rails [30]. This in turn requires the use of a common mode

feedback structure, adding to complexity and power consumption of the

design [25].
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Figure F.3: Pseudo full bridge inter-
facing with a differential accelerometer.
This setup requires reference capacitors
that are fairly close to the sense capac-
itors.

Figure F.4: Half bridge interfacing with
a differential accelerometer by driv-
ing the moving plate. This setup can
achieve differential output but requires
a common mode feedback circuit to de-
fine the input common mode voltage.
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F.2 Conclusion

When it comes to interfacing with a differential accelerometer, there are

several choices. All structures have shortcomings that require additional

circuitry which adds to the complexity and power consumption of the

system. The choice then generally comes down to more practical issues

such as the type of readout circuitry that has been used (charge, current

or voltage based).



G

PCB Design

This Appendix gives a general overview of the PCB design and method of

generating bias voltages, currents, control signals and clocks for testing

purposes.
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G.1 System Level Design

The block level design of the PCB is shown below. Each of these blocks

are explained in Table G.1
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Figure G.1: System level block diagram
of the PCB board. Implemented PCB
is shown in Fig. I.9
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G.1.1 Description of System Blocks

The following is the list of blocks and their description. Each bock is

further explained in the following sections.

PCB Block Diagram

# Block Name Functionality Description

1 QFN Package Contains the fabricated chip with (see Fig. I.4) and without MEMS
(see Fig. I.5) accelerometer

2 Digital Control Contains a switches to set controllability values

3 Output Buffer
Observability

Uses a unity gain buffer to view various nodes on the circuit

4 Capacitor Array
Controller

Uses an ADC to convert a sinusoid signal into a parallel bitstream to
mimic accelerometer movement through the on-chip capacitor array

5 Clock Generator Contains several clock options for clocking the test chip as well as
other parts.

6 Comparator
Voltages

Voltages for the on-chip comparator achieved through a bandgap
reference and unity gain buffer.

7 Digital Readout Connection to NI instruments data acquisition box.

8 Power Supply
Regulation

Contain several power options including battery and wall outlet,
converted to appropriate levels using a regulator

9 External
Capacitor Bank

A set of capacitors used for DC and AC testing of accelerometer

10 Analog/Digital
Power Supply

Block that generates the analog power and the digital power for the
test circuit. Makes use of a regulator with bypass capacitor for low
noise.

11 Bias Current
Generation

Generates the currents for on-chip current mirrors using a bandgap
reference and a variable resistor.

12 Front End
Amplifier
Common Modes

Generates common mode signals Vref1,CM and Vref2,CM for the front
end amplifiers used in the DAC and charge-to-voltage converter.

13 Voltage reference
generator

Generates voltages +Vref1,−Vref1, +Vref2 and −Vref2.

Table G.1: Block level descriptions of
the PCB board, see Fig. G.1
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G.2 Clock Generation

Clock generation relied on three techniques to generate the clock signal

for the ASIC as well as the on board peripherals. This included an

external clock generator connected through an SMA, a daughter board

clock generator, as well as a clock from the FPGA board used for data

capture.
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Figure G.2: Schematic of clock genera-
tion

G.2.1 External Clock Generation

G.2.2 CMEMS Clock Generation

For testing the ADC functional as a standalone accelerometer, a method

was needed to generate the clock signal without the use of an external

power supply. This was to avoid the wires that can impede the movement
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External Clock Generation

Component Function Specification Manufacturer Part Number

CLK External Clock 0− 15 MHz Hewlett Packard 33120A

Table G.2: External clock generation
specifications

of the sensor. For this purpose, a MEMS based PLL was used with power

supply.

Battery Operated MEMS based PLL

Component Function Specification Manufacturer Part Number

LDO On-chip Clock 1.8 V, LVCMOS Silicon Labs SI504

LS01 Level Shifter 1.8− 1.2 V, LVCMOS Analog Devices ADG3300

Table G.3: CMEMS PLL used for gen-
erating clock signals.

G.2.3 FPGA Based Clock Generation

The FPGA used to capture data readout also allowed an external clock

to be used.

Battery Operated FPGA based Clock

Component Function Specification Manufacturer Part Number

FPGA FPGA Spartan-6 Opal Kelly XEM6310

CLOCK FPGA clock 0.5− 300 MHZ, LVCMOS Opal Kelly –

Table G.4: Opal Kelly FPGA board
specifications
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G.3 Power Supply Generation

Often in high performance analog circuits, noise from power supplies,

above all other sources, is the limiting factor in fidelity. As this design

relied on a highly linear output, special care must be taken in power

supply generation.

G.3.1 Input Power Supply

To begin, the digital and analog power supplies were separated to limit

disturbances from clock spikes in affecting critical circuits. The power

supply generates two five volt supplies, one for the digital blocks and

one for the analog blocks.

Figure G.3: Schematic of power supply
generation
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Input Power Supply Components

Component Function Specification Manufacturer Part Number

LDO Power supply 5.0 V, LVCMOS Analog Devices ADP3338

Capacitor Bypass, filtering X5R, 10 µF Daeong –

Capacitor Bypass, filtering Titanium, 100 µF – –

Table G.5: Power supply components

G.3.2 Analog and Digital Power

Each 5 volt power supply was then used to supply a linear dropout

regulator to generate the 1.2 V power supply for the ASIC. The output

of the regulator was heavily filtered with capacitors of a decade apart to

cover a broad frequency spectrum1. 1 In general, larger capacitors have poor
performance at high frequencies

Figure G.4: Schematic of analog and
digital power supply generation

Analog and Digital Power Supply

Component Function Specification Manufacturer Part Number

LDO Power supply 1.2 V, LVCMOS Analog Devices ADM7155

Capacitor Bypass, filtering X5R, 10, 0.1 µF Daeong –

Capacitor Bypass, filtering Titanium, 220 µF – –

Table G.6: On-chip power supply gen-
eration components
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G.4 Reference Voltage Generation

In ADC testing, reference voltage are limiting factors as noise in these

sources directly couples to the output2. The general approach to cre- 2 In other words, there is no noise shap-
ing or noise transfer function is one

ating these sensitive voltages was to use an ultra low noise band gap

reference followed by a unity gain buffer for adequate current drive ca-

pability.

G.4.1 DC Reference Voltage Generation

Figure G.5: Schematic of DC signal
generation

DC Reference Voltage Generation

Component Function Specification Manufacturer Part Number

Amplifier Unity Gain Buffer 3.3 V, LVCMOS Texas Instruments OPA350

Bandgap Reference Fixed voltage 2.048± 3 mV , 1µV2/Hz Analog Devices ADR440

Table G.7: Component specifications
for DC voltage generation
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G.4.2 AC Signal Generator

In certain tests, the references are used as input signals and the ASIC

used as a conventional ADC. Driving ADC inputs has several challenges

and requires the use of an ADC driver [91]. The schematic of the setup

with the driver is shown below.

Figure G.6: Schematic of AC signal
generation

ADC Driver

Component Function Specification Manufacturer Part Number

ADC01 ADC driver ultra low noise Analog Devices ADA4937

Table G.8: Component specification
for the ADC driver.
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G.5 Bias Currents

The bias currents are again a limiting factor in fidelity. Noise in the

current generated can directly couple to the input stages of op-amps

and couple through to the output. Special care must be taken to ensure

noise in these circuits is below the intended design. Bias currents for

the chip were designed with an ultra-low noise bandgap reference and

an adjustable potentiometer as shown in Fig. G.7.

Vn1_n

ncas_n

Vp1

10uF

C_BC1
C0805

GND

0.1uF

C_BC2
C0805

GND

GND

10uF

C_BC4
C0805

GND

0.1uF

C_BC5
C0805

GND

GND

0.1uF

C_BC3
C0805

GND

0.1uF

C_BC6
C0805

GND

57K
R_BC3

VIN
2

VOUT
6

TRIM
5

TP
1

TP
8

GND
4

NC
3

NC
7

REF08

ADR440ARZ

VIN
2

VOUT
6

TRIM
5

TP
1

TP
8

GND
4

NC
3

NC
7

REF09

ADR440ARZ

62.4K
R_BC1

15K
R_BC5

Vdd_5V

1000

R_BC2

ERJ3EK

1000

R_BC4

ERJ3EK

1000

R_BC6

ERJ3EK

12

J06

12

J08

12

J07

GND

10uF

C_BC7
C0805

GND

1uF

C_BC8
C0805

GND

0.1uF

C_BC9
C0805

GND

10uF

C_BC10
C0805

GND

10uF

C_BC11
C0805

GND

10uF

C_BC12
C0805

GND

10uF

C_BC13
C0805

GND

Figure G.7: Schematic of bias current
generation

Bias Current Generation

Component Function Specification Manufacturer Part Number

Bandgap Reference Fixed voltage 2.048± 3 mV , 1 µV2/Hz Analog Devices ADR440

Table G.9: Component specifications
for DC bias currents generation.
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G.6 Output Buffer

For debugging purposes, certain on-chip signals were observed using a

unity buffer.
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Figure G.8: Schematic of output buffer

Output Buffer

Component Function Specification Manufacturer Part Number

Amplifier Unity Gain Buffer 3.3 V, LVCMOS Texas Instruments OPA350

Table G.10: Component specifications
for buffer stage
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G.7 Capacitive Array Controller

Figure G.9: Schematic of capacitive ar-
ray controller

Capacitive Array Controller

Component Function Specification Manufacturer Part Number

AD8041 Amplifier Gain stage 3.3 V, LVCMOS Analog Devices AD8041

AD7819 ADC Converter 5V, LVCMOS Analog Devices AD7819

ADG3301 Level Shifter 5− 1.2 V, LVCMOS Analog Devices ADG3301

Table G.11: Component specifications
for the capacitive array controller
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G.8 Digital Readout

Figure G.10: Schematic of digital read-
out

Digital Readout

Component Function Specification Manufacturer Part Number

H11 Digital Pin Readout Tyco ADR440

ADG3300 Level Shifter 1.2 V → 5.0 V Analog Devices ADG3300BRUZ

Table G.12: Component specifications
for digital readout
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G.9 Digital Control

Digital control uses a switch to turn on signals for flip flops as well as

the capacitor offset network.
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Figure G.11: Schematic of digital con-
trol generation

Digital Control

Component Function Specification Manufacturer Part Number

SW01 Mechanical Switch – Juju A6ER-81601

Table G.13: Component specifications
for digital control generation
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G.10 External Capacitor Bank

The external capacitor bank is used to place fixed capacitors as inputs

for the accelerometer. These are used in functionality testing of the

ADC.
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Figure G.12: Schematic of external ca-
pacitor bank





H

Step Motor Dynamics and Programming

Accelerometers are generally tested using rate tables. As these equip-

ment can run into the tens of thousands of dollars in cost, a lower cost

option was implemented using a step motor. Table H.1 shows the pro-

gramming steps for the motor to generate a sinusoidal displacement that

in turn leads to a sinusoidal velocity and acceleration.
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Zeta 6104 motor code

# Code snippet Description

1 COMEXC1 Continue command processing during motion

2 D50000 Establish desired bottom of oscillation

3 MC1 Put axis into preset move mode

4 GO1 Move axis to desired centre location

5 FOLMAS16 Axis 1 follows sine 1

6 FOLRN1 Set master slave ratio to 1:1

7 FOLRD1 Return ratio

8 FOLEN1 Put axis into following mode

9 MC1 Put axis into continuous mode

10 SINAMP8096 Establish center to peak amplitudes

11 FVMFRQ3600 Establish frequency, start small and build up to reduce strain on
motor

12 @FVMACC999999 Reach frequencies rapidly

13 SINANG270 Start angles at bottom of cycle

14 GO1 Lock slaves to master (not started yet)

15 SINGO1 Start sine waves (and hence slave motion)

Table H.1: Coding example to gener-
ate a sinusoidal movement which will
in turn create sinusoidal velocity and
acceleration.



I

Pictures and Micrographs

This Appendix provides pictures and/or micrographs of various circuits

and ASICs used in testing.



224 a variable gain direct digital readout system for capacitive inertial sensors

I.1 IC Prototype Micrographs

Prototyping was done with IBM 0.13 µm technology. A photodie of this

is shown in I.1.

Figure I.1: Loose die photo of fabri-
cated chip in IBM 0.13 µm

There are two distinct set of circuits implemented in the IC. In the

top half, the system uses a capacitor array for its input while the bottom

half connects to an external accelerometer. The capacitor array is meant

to mimic an accelerometer as well as to cancel parasitic capacitances for

the accelerometer system.
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I.2 Packaging

I.2.1 QFP Package

Some dies were bonded using a QFP80 pin package from Kyocera1. 1 This package is now obsolete

Figure I.2: Die photo in Kyocera 80 pin
package.

Figure I.3: Bonded Die with 80 pin
QFP package relative to a coin.
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I.2.2 QFN 9 x 9 package

Since the Kyocera package required soldering, it was not practical in

testing different accelerometers. A new board based on a QFN package

was designed. The QFN package included the MEMS as well as the

standalone die. Fig. I.4 shows the micrograph of the package with the

MEMS die. Fig. I.5 shows the standalone IBM 0.13 µm die bonwired to

the package.

Figure I.4: QFN Package with bonded
IC and commercial accelerometer.
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Figure I.5: QFN Package with bonded
IC only.
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I.3 PCB Boards

I.3.1 First Version of the PCB Board

A 20 cm x 20 cm four layer printed circuit board was designed for testing

purposes. The layout and soldered board of the first version of this

design is shown in Fig. I.6 and Fig. I.7 respectively.

Figure I.6: Prototyped PCB board us-
ing a Kyocera package.
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Figure I.7: Image of the first test PCB
board using a Kyocera package.
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I.3.2 Second Version of the PCB Board

To allow for testing of different dies and accelerometers, a second version

of the board was designed with a QFN package2 and improvements to 2 Dies are not soldered but make con-
tact through high pressure springs

signal conditioning and components were made based on the test results

of the first version of the PCB. Fig. I.8 shows the PCB layout and Fig. I.9

shows the board with components soldered.

Figure I.8: Prototype PCB board using
a Kyocera package.
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Figure I.9: Image of second test PCB
board using a QFN package.
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I.4 Accelerometer

The accelerometer used for the design was a commercial accelerometer

without interface circuitry. A micrograph of the raw accelerometer is

shown in Fig. I.10 and the relative size is shown in Fig. I.10.

Figure I.10: A commercial surface mi-
cromachined accelerometer.. This is a
raw accelerometer without readout cir-
cuitry or packages.
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Figure I.11: Commercial accelerometer
relative size to a coin.
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I.5 Daughter Boards

Several external ready to be used boards were used along with the PCB

in testing. These are shown in this section.

I.5.1 FPGA Readout

The Xilinx Spartan-6 was used primarily for reading data. A commercial

board was used for programming and synchronization of the data [92].

Figure I.12: Opal Kelly board used for
data acquisition
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I.5.2 Clock Generation

The board makes use of a MEMS based PLL for clock generation. This

is an option to use for accelerometer testing to minimize wires.

Figure I.13: Silicon Labs MEMS based
clocks.

I.6 Step Motor

A step motor was used to generate sinusoidal acceleration movement.

The test setup is shown in Fig. I.14 and I.15.
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Figure I.14: Step motor with platform
and acceleration tracker for analyzing
the purity of sinusoidal movement.



pictures and micrographs 237

Figure I.15: Step motor with platform
and data acquisition board.
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