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Abstract—In this paper, analysis and design of a four-bit fourth-
order delta-sigma modulator with a widely programmable center
frequency are presented. Novel methods for quantizing and imple-
menting the digitally programmable modulator coefficients enable
performance comparable to state-of-the-art discrete-time fixed-
frequency modulators at any center frequency from DC to 0.31 f,
in steps of 0.0052 f,. The 0.18 xm 1.8 V CMOS prototype imple-
mented in a silicon area of 4.5 mm? consumes 115 mW at a sam-
pling frequency of 40 MHz. The SNDR and SNR over a 310 kHz
bandwidth range from 71 dB to 82 dB and from 76 dB to 86 dB,
respectively.

Index Terms—Analog-to-digital converter (ADC), bandpass,
delta-sigma, low-pass, multibit, programmable, tunable, sigma-
delta.

I. INTRODUCTION

NGOING CMOS technology scaling has motivated the
O replacement of analog components in signal-processing
systems with their digital counterparts for improved reliability,
flexibility, and process portability. In some radio systems,
for example, the intermediate frequency (IF) is directly and
efficiently digitized by a bandpass analog-to-digital converter
(ADC) and digitally downconverted to baseband as shown in
Fig. 1(a). This scheme eliminates the final analog downcon-
verter from a receiver, and does not suffer from flicker noise or
phase mismatch of the quadrature oscillator. Since the center
frequency (f.) of a bandpass ADC is usually fixed, the signal
band of interest is required to be well aligned with f.. In a radio
receiver, this requires an oscillator with a variable frequency to
place the band of interest within the passband of the ADC for
channel selection.

A delta-sigma modulator with a variable f. allows the
variable oscillator to be replaced with a fixed-frequency one
[1] as shown Fig. 1(b), and may allow the same modulator to
be used for different IFs or applications. Since the receiver
in Fig. 1(b) does not require a variable oscillator, one local
oscillator’s output may be simply divided to generate the
other local frequencies and clocks for the ADC and the digital
signal processor (DSP), thus requiring fewer phase-locked
loops (PLLs). In exchange for these benefits, the required
bandwidth of the blocks before the ADC is increased, and the
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Fig. 1. (a) A typical digital radio receiver with a bandpass ADC. (b) A pos-
sible digital radio receiver with a bandpass ADC with a programmable center
frequency.
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filter before the ADC may need to be programmable depending
on the system’s dynamic range requirement. Continuous-time
bandpass delta-sigma modulators with analog tuning of the
resonators’ resonant frequencies have been reported in [2]
and [3]. Both are single-bit modulators which, compared
to multi-bit modulators, require a high oversampling ratio
(OSR) and, hence, high sampling frequency ( f,) for sufficient
signal-to-noise ratio (SNR) and bandwidth. To achieve such
high sampling frequencies, both were fabricated in fast tech-
nologies (BiCMOS for [2] and and HBT for [3]). Also, both
have a relatively narrow tuning range (< 0.15f5).

Little work has been done on discrete-time implementations
of delta-sigma modulators with programmable f.. Two imple-
mentations of programmable discrete-time modulators were re-
ported in [4] and [5]. Single-bit quantization and limited pro-
grammability of just a few coefficients restricted these designs
to narrow tuning ranges (< 0.2f,) and high OSRs (i.e., small
bandwidth) for modest SNRs (< 60 dB).

In this work, a discrete-time 4-bit fourth-order delta-sigma
modulator with f. programmable from DC to 0.31f; in steps
of 0.0052f; is described. Architectural and circuit-level design
techniques to minimize the power and the overhead associated
with this programmability will be described in Sections II
and III, respectively. Experimental results are presented in
Section IV. Despite the wide f. tuning range, the modulator
demonstrates performance competitive with that of recently

0018-9200/$25.00 © 2008 IEEE
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Fig. 2. (a) Fourth-order CRFB topology. (b) Fourth-order CRFF topology.

reported discrete-time bandpass delta-sigma modulators with a
fixed f. and similar bandwidth.

II. MODULATOR ARCHITECTURE

In a bandpass delta-sigma modulator, resonators are designed
to provide a high loop gain within the band of interest, providing
high attenuation of the quantization noise at frequencies around
fe- In other words, the resonant frequencies of the resonators
correspond to the zeros of the noise transfer function (NTF).
Therefore, f.-programmability of a bandpass delta-sigma mod-
ulator is achieved by changing the resonant frequencies of its
resonators. However, this approach is only suitable when ad-
justing f. over a narrow range as in [4] and [5]. In order to
maintain stability and SNR over a wide range of f., it is impera-
tive that other parameters such as the NTF poles, signal transfer
function (STF), and signal swings of resonators’ outputs be con-
trolled in addition to the resonant frequencies by programming
more modulator coefficients.

The modulator coefficients are programmed using banks of
digitally switchable unit capacitors. The number of unit capaci-
tors in each bank determines the resolution of the corresponding
coefficient. In order to accurately set the NTF, STF, and integra-
tors’ output swing for high SNR and stability, high resolution

(®)

is required in the modulator coefficients. However, increasing
the coefficient resolution results in larger capacitor banks and,
hence, more silicon area and power dissipation. A delta-sigma
modulator with f. programmability suffers a disadvantage in
power consumption since the capacitor sizes and operational
transconductance amplifier (OTA) design cannot be simultane-
ously optimized for power and thermal noise for all possible
values of f.. Therefore, it is important to minimize capacitor
sizes by minimizing resolution of the modulator coefficients to
limit the power overhead of the OTAs. This was the primary
consideration in choosing a modulator topology.

A. Modulator Topology

There are two generic discrete-time topologies of a
delta-sigma modulator with resonators. One is Cascade of
Resonators with Feedback (CRFB) and the other is Cascade
of Resonators with Feed Forward (CRFF) [6]. Block diagrams
of fourth-order CRFB and CRFF delta-sigma modulators are
shown in Fig. 2. For implementation of a delta-sigma mod-
ulator with wide f.-programmability, the CRFF topology is
advantageous for the following reasons.

Both CRFB and CRFF architectures shown in Fig. 2 include
input feed-forward which eliminates the input-signal content
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Fig. 3. Block diagram of the implemented modulator.

from the loop filter thus relaxing the performance requirements
of the loop filter [7]. Furthermore, to this, if designed properly,
input feed-forward flattens the STF to a constant without any
peaking [6]. A constant STF without peaking prevents unde-
sirable amplification of out-of-band interferers that may over-
load the quantizer. Both CRFB and CRFF can provide a flat
STF if coefficients are set properly. However, the CRFB archi-
tecture requires that the input feed-forward coefficients b1—by
match the feedback coefficients a;—a4 for a flat STF. Since co-
efficients a;—a4 are adjusted with f., a CRFB modulator with
a widely programmable center frequency would therefore also
require programmability of all four input feed-forward coeffi-
cients, b;—b,. The CRFF topology, on the other hand, requires
that the feed-forward coefficients bo—b4 be zero. Hence, CRFF
topology requires fewer programmable coefficients to enable
fe programmability. In addition, since the CRFF only has one
feedback digital-to-analog converter (DAC), there is only one
DAC whose nonlinearity needs to be compensated for in case of
multi-bit delta-sigma modulation. The input feed-forward tech-
nique introduces critical timing in the feedback path [8]. How-
ever, this is not a big issue for implementation of this work since
the sampling frequency is not high (fs = 40 MHz). For these
reasons, the CRFF topology shown in Fig. 3 was chosen rather
than CRFB for implementation of the modulator in this work.

B. Modulator Coefficients and Quantization

Initial modulator coefficients were obtained with computer
programs [6] that synthesize an NTF for each center frequency
and order, and calculate the coefficients. With these coefficients,
time-domain simulations were run to obtain the output swings of
the loop-filter integrators for each f., and the modulator coeffi-
cients were scaled accordingly to maintain a reasonable swing at
the output of the integrators without changing the NTF or STF.
Large output swing of the integrators minimizes the input-re-
ferred thermal noise of the modulator.

As explained earlier in this section, one of the challenges
in the system-level design of a delta-sigma modulator with
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Fig. 4. Discrete-time resonator.
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programmable f. is quantization of the modulator coefficients.
Quantization of the coefficients introduces quantization errors
in the coefficients, which slightly change the NTF zeros, NTF
poles, the output swing of the integrators, and the STF. Among
these parameters, the SNR is particularly sensitive to the NTF
zero locations, which are determined by the resonators’ reso-
nant frequencies. Therefore, the coefficients that determine the
resonators’ resonant frequencies must be quantized in a way
that minimizes the errors in f., but incurs minimal overhead.
Fig. 4 shows a block diagram of a discrete-time resonator
whose resonant frequency is

ey

2—cg
2

tan
fr= ey
The resonant frequency is a function of cg, which is a product
of two variables that have to be quantized. A straightforward
approach to quantizing these coefficients is to perform quanti-
zation for ¢ and g independently. However, this approach intro-
duces a large error in the product cg and hence, the resonant fre-
quency, so quite high resolutions for both ¢ and g are required,
thus imposing a large hardware overhead. A better approach is
to quantize one coefficient (c) coarsely and quantize the other
coefficient (g) with high resolution while taking into account
the quantization error of ¢ in a way that minimizes the error of
the product cg. How coarsely c can be quantized depends on
the tolerance of the architecture to errors in other parameters
such as the NTF pole locations, integrator output swing, and
the STF. The resolution of the modulator coefficients was min-
imized according to this approach with the aid of extensive be-
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the required coefficient resolution. Therefore, simulations were
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havioral simulations. It is difficult to predict how quantization Modulator i Digital correction
of the modulator coefficients will affect the statistics of the res-
s . . . . U—» Vi 16 ’
onators’ output swing. The complicated relationship between f. Loop filter ADC L ! LUT >V
and the coefficients shown in (1) makes it even harder to predict

used to determine the minimum required resolution of the coef-
ficients for a given f. step.

The numbers in angled brackets in Fig. 3 indicates the res-
olution of each coefficient in bits, and Fig. 5 shows all of the
coefficient values after quantization over f..

C. Feedback DAC Nonlinearity Compensation

Although dynamic element matching (DEM) is a pop-
ular technique for feedback DAC nonlinearity compensation
in multi-bit delta-sigma modulators, its application to a
delta-sigma modulator with f. programmability would be
complicated by the need to tune the DEM transfer function
for different values of f.. Therefore, the digital correction
technique described in [6] for correction of a multi-bit feedback
DAC outside the modulator loop was employed here instead. A
block diagram of the correction scheme is shown in Fig. 6. In
this technique, nonlinearity of the feedback DAC is compen-
sated by replacing the digital output of the ADC (V) with a
high-precision digital representation of the actual DAC output
for the same input code V. This is done outside the modulator
loop in the digital domain as shown in Fig. 6. The look-up
table in Fig. 6 contains the digitized DAC output values for all
possible digital input codes. Therefore, in order to create the
look-up table, off-line linear A/D conversion of the feedback
DAC output is needed prior to the normal operation of the
delta-sigma modulator. We call this a calibration mode. In [9],
a delta-sigma modulator is reconfigured such that the output of
the feedback DAC is taken as the input of the modulator with a
single-bit feedback DAC, which is inherently linear; in this way,
linear measurement of the multi-bit DAC output is performed.
For this work, the same technique is used to obtain linear
digital representation of the multi-bit feedback DAC output by
transforming the original modulator to a single-bit second-order
delta-sigma modulator with the multi-bit feedback DAC as

Contains digital

/ 4
DAC | # 1 representation of the
\_ 1 actual DAC output

Fig. 6. Feedback DAC digital correction.

the input. Since the modulator must be highly reconfigurable
to accommodate f. programmability anyway, this facility is
implemented with little hardware overhead as shown in Fig. 3.
Circuit-level details are described in Section III. Fig. 7 shows
how the original modulator in Fig. 2(b) can be transformed for
the calibration mode. High-precision digital representations of
the feedback DAC output that are obtained in the calibration
mode replace the output of the ADC during normal operation
of the modulator as shown in Fig. 6.

III. MODULATOR CIRCUIT IMPLEMENTATION

The switched-capacitor (SC) representation of the modulator
with the extra circuitry for DAC nonlinearity digital correction
is shown in Fig. 8. It consists of four SC integrators arranged
into two resonators. The last OTA with its SC branches sums
the feed-forward signals from the integrators and the modulator
input together, and passes the sum to a 4-bit flash ADC. The
digital output of the ADC is fed to the 4-bit SC feedback DAC.
Table I relates the capacitances in the circuit to the modulator
coefficients. The common-mode voltage V ¢y is 0.9 V, which is
half the supply voltage, everywhere in the circuit.

With the exception of the first integrator, sampling capaci-
tors were made programmable while the integrating capacitors
were kept fixed providing linear control of the modulator coef-
ficients. An exception was made at the input because the sam-
pling capacitor size in the first integrator (Csp, ) directly affects
the modulator’s SNR since the thermal noise of that stage is not
noise shaped at all. In addition, the sampling capacitor has to
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Fig. 8. Circuit implementation of the modulator.

match the capacitance of the feedback DAC to maintain a con-
stant STF. Therefore, the integrating capacitors (Cj1 ), which are
shared by the SC feedback DAC and the first integrator, were
made programmable rather than the sampling capacitors (Csp, )

for this integrator. In Fig. 8, the variable capacitor symbols are
used to represent digital coefficient programmability. The actual
SC implementation of the digitally programmable coefficients is
described later in this section.
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TABLE 1
MODULATOR COEFFICIENTS IN TERMS OF CAPACITANCES

a as as a4 b1 bs c1 Cc2 c3 Cq a1 g2
Cis Cis Cis Cis Ci1 Cis Ci1 Ci2 Cia Ciq Ci1 Ci3

A. Thermal Noise

Programming the modulator coefficients involves changing
the sizes of switched capacitors. Changes in capacitance af-
fect the modulator’s input-referred thermal noise and the SNR.
Therefore, the input referred thermal noise has to be analyzed
for all possible f. values to ensure sufficient SNR.

The dominant contributors to the input-referred thermal noise
are the first resonator and the SC feedback DAC. The in-band
input-referred thermal noise contributed by the other compo-
nents is negligible due to the noise shaping provided by the high
gain of the first resonator. The input-referred noise contributed
by the first resonator and the SC feedback DAC can be approx-
imated as

Z_ T (1 F0 Gy
iTOSR\Cy, T 0y, Oy,
1 .
1 — e—i27fe|2 2
+b%0562| ¢ @

where C, are the values of the sampling capacitors cor-
responding to the modulator coefficients z,,, and Cy is the
unit capacitor size of the DAC. The input-referred thermal
noise increases with f. mainly due to the accompanying in-
crease in Cj4, , which is proportional to the coefficient g;, and
|1 — e~927f¢|. The first and the second terms of (2) are fairly
constant over f. since Cy,, and XCj are constant, and Cs.,
does not vary much. In order to decrease the input-referred
thermal noise, Cs,, and Cjs., should be increased or Cy has
to be decreased. Since the ratio of Cy;, and the amount of
the charge transfered by the DAC (which is proportional to
the product of the DAC reference voltage and C,) has to be
maintained constant to keep the STF unchanged, C; cannot
be simply decreased. The only way to decrease C; while
maintaining the same STF is to increase the reference voltage
of the DAC, but it has a limit on it as explained later in this
section. Unit capacitor sizes of the binary-weighted capacitors
were determined using (2).

B. Programmable Switched Capacitor

A simplified single-ended version of a four-bit programmable
integrator is shown in Fig. 9. It utilizes a binary weighted capac-
itor bank with gated clock signals that select which capacitors
to charge and discharge. This structure provides a digitally pro-
grammable SC without placing additional MOS switches in se-
ries with the capacitors. Therefore, the coefficient programma-
bility does not increase the RC time constants of the switched-
capacitor circuits.

The clock signal is gated by transmission gates instead of
typical CMOS logic gates. The reason that transmission gates
are preferred over CMOS logic is that if logic gates are used,

they have to be sized carefully for switches of different sizes in
order to avoid clock skew between the switches, which would
decrease the time available for the switched capacitors to charge
and discharge. Furthermore, having strong gate drivers near the
sensitive SC circuit may introduce noise coupling and compli-
cate digital power supply routing. On the other hand, if transmis-
sion gates are used, as long as they are large enough, the skew
is minimized without fine size tuning, and the clock driver can
be placed far away from the sensitive locations at the expense
of some extra power to drive the large transmission gates.

As mentioned earlier, for the first integrator, the integrating
capacitors C;1 are made programmable instead of the sampling
capacitors Cyp,. The integrating capacitors were made pro-
grammable using a binary-ratioed array with series switches,
as shown in Fig. 10.

As shown in Fig. 5, a; — a4 are the only coefficients whose
sign changes. Therefore, switched-capacitor branches for these
coefficients have extra switches to flip the signal polarity as
shown in Fig. 8.

C. Operational Transconductance Amplifier

The time constant of an OTA with a capacitive feedback and
a capacitive load is expressed as

1 Cp
T=——
Im B

where C/, is the total load capacitance, 3 is the feedback coeffi-
cient, and g, is the transconductance of the OTA. For all of the
OTAs in the modulator, since both 8 and C'f, change with f.,
(CL/B) changes with f. as well. In order to ensure sufficient
settling accuracy, g,, has to be made large enough for the worst
case, when the ratio (C, /3) is at a maximum. Fig. 11 shows the
ratio (Cr,/3) of all OTAs for all center frequencies. All of the
OTAs suffer the largest ratio at the maximum f.. Therefore, the
gm of the OTAs are designed for this worst case. This implies
some power overhead when configuring the modulator with a
low center frequency since the OTA outputs will settle faster
than necessary.

The fact that both C', and 3 change with f. makes compen-
sation of the OTAs difficult especially for a two-stage OTA ar-
chitecture since its second pole location varies a lot depending
on Cp,; furthermore, large power consumption would be re-
quired to place the second pole far enough from the first pole
to ensure sufficient phase margin for any f.. Therefore, for this
work, a single-stage architecture is selected since it is stable as
long as the second pole, which is at the internal node, is placed
far enough from the maximum possible first pole, which is at
the output node. In order to achieve large output swing and
a large DC gain, the standard pMOS-input folded-cascode ar-
chitecture was selected for all of the five OTAs. The first four

3)
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Fig. 9. Simplified schematic of a programmable integrator.

Fig. 10. Implementation of C';;.

OTAs are gain boosted by gain enhancement circuits [10] for
accurate coefficient settings and improved linearity since coef-
ficients associated with these OTAs affect the NTF zero loca-
tions, which must be very accurately set to achieve high SNR.
For the last OTA, however, an OTA without gain enhancement
was used; its gain can be much lower without affecting the NTF
zero locations.

All switches in the integrators are nMOS switches. The input
switches of each integrator are bootstrapped as described in [11]
for linearity enhancement.

C,/B (oF)

H——
P i
0 0.05 0.1 0.15 0.2 0.25 0.3
Center Frequency (normalized)

Fig. 11. C/j of the OTAs.

D. ADC and DAC

The ADC used for the modulator is a simple 4-bit flash ADC
with 15 comparators. Each comparator consists of a continuous-
time preamplifier followed by a regenerative latch. Due to the
limited input range of the preamplifier, the reference voltage of
the ADC was set to £0.6 V (differential), and its input swing
was scaled accordingly in the system-level design.
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The multi-bit DAC used for the modulator is a simple
4-bit switched capacitor DAC shown in Fig. 12. It shares
the integrating capacitor C;; with the first integrator. The
reference voltage during the normal operation was made
:t(VREFPH — VREF]\'H) = £18V (differential), which is
the maximum possible value with a 1.8 V supply, in order to
minimize the thermal noise contribution by this DAC. Maxi-
mizing the reference voltage minimizes Cy, which is the DAC
unit capacitor size, in (2). The other pair of reference voltages
(VrerpL and Vrernt,) are used during the calibration mode as
explained later in this section.

E. Circuit Modification for Feedback DAC Digital Correction

As explained in Section II, before normal operation of the
modulator, the circuit is configured as a second-order single-bit
delta-sigma modulator with the output of the multi-bit feedback

DAC taken as the modulator input in order to take linear mea-
surements of the multi-bit feedback DAC output. This config-
uration requires a few modifications to the switched-capacitor
branch of the first integrator and the multi-bit feedback DAC.

Fig. 13 shows the first integrator with the extra circuits for
digital correction. When CAL = 1 the modulator is in cali-
bration mode, taking measurements of the multi-bit feedback
DAC output, and when CAL = 0 the modulator is in normal
operation. By adding extra switches (shown in a dotted box in
Fig. 13) to the first switched-capacitor branch, it can be used as a
single-bit DAC as required for the calibration mode. With these
switches enabled, and the analog-signal input switches disabled,
Cgp, is charged to either Vygrpr, = 1.05 Vor Veepnt =0.75V
depending on the digital input to this single-bit DAC. The capac-
itors added in parallel with Cj;, are used to change the modu-
lator coefficient during the calibration phase.
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Fig. 14. Die photo of the modulator.
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Fig. 15. Block diagram of the test setup.

For the calibration mode, it is necessary to change the refer-
ence voltage of the multi-bit DAC from its usual £1.8 V (differ-
ential) to £0.3 'V, which is same as the same reference voltage
of the single-bit DAC in order to prevent overloading of the in-
tegrators. This requires extra switches as shown in Fig. 12.

The multi-bit ADC is simply used as a single-bit ADC by
truncating all of the bits other than the MSB, which is the sign
bit.

The test input to the multi-bit DAC is externally supplied,
and the output is captured off chip for decimation. Decima-
tion is simply averaging a large number of samples since the
signal under measurement is a DC quantity. Sixteen possible
DAC codes are tested, and the averaged values are stored in the
digital-correction look-up table shown in Fig. 7 and used during
normal operation of the modulator.

IV. EXPERIMENTAL RESULTS

The modulator implemented in a one-poly six—metal (1P6M)
0.18 xm CMOS technology occupies a core area of 3.2 mm?
and die area of 4.5 mm? including the pad frame. Fig. 14 shows
a die photo of the modulator. Testing had to be automated due
to a large number (60) of f. settings. Fig. 15 shows a block di-
agram of the test setup. A PC sets the amplitude and the fre-
quency of one or two signal generators via a GP-IB interface,
and captures the digital output of the modulator for processing
and analysis. A single low-noise low-distortion signal gener-
ator was used for f. = 0 Hz, but could not be used for other
center frequencies due to its low maximum output frequency.
Two high-frequency signal generators were used for all other
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fe-settings. Both two-tone and single-tone test signals were con-
verted to differential signals and buffered by a commercially
available fully differential operational amplifier. The two-tone
test signals were generated by using an active summing ampli-
fier since a passive combiner causes cross-modulation between
the two signal generators due to insufficient isolation between
the input ports.

Fig. 16 demonstrates the f. programmability. Fig. 16 was ob-
tained by plotting smoothed zero-input spectra on top of each
other for different f. settings. What is seen are the spectra of
the quantization noise only for visual presentation of the f. pro-
grammability. As expected from (2), the noise floor rises as f.
increases.

The SNR and the dynamic range were measured with a
single-tone input. SNR versus input amplitude and dynamic
range for all possible center frequencies are shown in Figs. 17
and 18, respectively. For f. = 0 Hz, the modulator was



YAMAMOTO et al.: A DELTA-SIGMA MODULATOR WITH A WIDELY PROGRAMMABLE CENTER FREQUENCY AND 82-DB PEAK SNDR

T
Hann windewing o
512k points over 20 MHz

Power (dBFS)

~100F SRR N .

-120
4.6 4.65 4.7 4.75 4.8
Frequency (MHz)

4.85 4.9

Fig. 19. Zoomed measured spectrum at f. = 4.78 MHz.

Feedback DAC DNL (reference=16 bits)

DNL (LSB)

2 4 6 8 10 12 14 16
Code
Feedback DAC INL (reference=16 bits)

INL (LSB)

2 4 6 8 10 12 14 16
Code

Fig. 20. Measured DNL and INL of the DAC.

treated as a low-pass modulator for calculation of the SNR
and dynamic range. The SNR saturates because noise from the
signal generator starts limiting the SNR at high amplitude for
fe # 0 Hz. A synthesized signal generator with single sideband
(SSB) phase noise of —131 dBc/Hz at 20 kHz offset for a
carrier frequency of 100 kHz was used for f. # 0 Hz. This ob-
servation is supported by the fact that the dynamic range values
shown in Fig. 18 are much higher than the peak SNR values.
For f. = 0 Hz, however, the SNR does not saturate since a
low-frequency low-noise signal generator for audio testing with
higher spectral purity was used, but the peak SNR and dynamic
range are instead limited by flicker noise generated inside the
modulator. For this case, the SNR and dynamic range are in
close agreement as shown in Fig. 18.

Two-tone inputs were conducted for all linearity tests (SNDR
and IMD) except for f. = 0 Hz since the low-order harmonics
of a single-tone input stay within the band of interest in that
case. Fig. 18 shows the peak SNDR and IMD measured with two
—10 dBFS tones (—4 dBFS in total) at which the peak SNDR
was obtained. Fig. 19 shows the output spectrum of the modu-
lator for one of the two-tone measurements.

Multi-bit DAC calibration data obtained during the calibra-
tion phase was processed on a PC to create a look-up table for
multi-bit DAC digital correction. During normal operation of
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TABLE II
SUMMARY OF THE EXPERIMENTAL RESULTS

Technology  0.18-um 1P6M CMOS
Die Size 2.55 mm x 1.77 mm (4.5 mm?)
Core Area 2.21 mm x 1.43 mm (3.2 mm?)
Architecture  4-bit 4-th order CRFF
fs 40 MHz
OSR 64
BW 310 kHz
fe 0-12.6 MHz (0.31f5)
fe step 208 kHz (0.0052 f5)
VDD 1.8V
Power 115 mW
SNDR 82-71 dB
SNR 86-75 dB
DR 96-76 dB
IMD -(90-73) dB
TABLE III

COMPARISON WITH RECENT FIXED-f. DISCRETE-TIME BANDPASS
DELTA-SIGMA MODULATORS

fs fe BW  SNDR SNR DR IMD P
(MHz) (MHz) (kHz) (dB) (dB) (dB) (dBc) (mW)
This work 40 0-12.6 310 82-71 86-75 93-76  -(90-73) 115
[12] 37.05 10.7 200 - 72 78 -65 88
[13] 42.8 10.7 200 61 - 74 -75 76
[14] 80 20 270 78 80 86 - 24
[4] 2.358  0.47-0.7 12 - 47

the modulator, this look-up table was used in order to replace the
output of the 4-bit ADC with high-precision digital representa-
tions of the feedback DAC output levels measured in the cali-
bration mode. Digital correction made a negligible difference in
performance. In order to investigate this unexpected result, the
linearity of the multi-bit DAC was measured using the calibra-
tion feature of the modulator. The measured DNL and INL of
the DAC are shown in Fig. 20, which indicates static linearity of
close to 14 bits. Therefore, it is assumed that the implemented
multi-bit DAC is linear enough for the modulator to achieve the
linearity shown in Fig. 18. These results were confirmed across
three dice.

Table II summarizes the performance of the implemented
modulator. Table III compares the performance of this work
with published fixed-f. discrete-time bandpass delta-sigma
modulators with similar bandwidth as well as one with pro-
grammable f.. It can be seen that performance of this work is
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comparable with those in Table III despite the wide f. tuning
range. One major drawback is the silicon area.

V. CONCLUSION

A successful implementation of a delta-sigma modulator with
a wide f. tuning range was presented. Despite the wide f. pro-
grammability, the performance of the modulator is still compet-
itive with other discrete-time bandpass delta-sigma modulators
with similar bandwidth.
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